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ABSTRACT 

Demands for high data rate and multifunctional apertures from both civilian 

and military users have motivated the development of ultra-wideband (UWB) 

electrically steered phased arrays. Meanwhile, the need for large contiguous frequency 

bands is pushing radio systems to operate well into the millimeter-wave (mm-wave) 

range, fundamentally redefining UWB performance as covering the full spectrum from 

VHF to mm-wave. 

Traditional electronic systems suffer from many difficulties to achieve this 

end. Several examples of these difficulties include the inability of voltage controlled 

oscillators (VCO) to provide a tunable range of several octaves, the high loss and 

dispersion wideband local oscillator (LO) signals undergo when distributed over 

radio-frequency (RF) transmission lines, and the limited bandwidth or bulky size of 

antennas that is hard to be integrated. Recently, RF photonics technology has drawn 

considerable attention because of the advantages it offers over traditional systems such 

as extreme power efficiency, information capacity, frequency agility, and spatial beam 

diversity. A hybrid RF photonic communication system, utilizing optical links and a 

RF transducer, potentially provides high-speed data transmission over ultra-wide 

tunable carriers from 1 to over 100 GHz.  

Successful implementation of such an optically enabled phased array requires 

addressing several key challenges. The first challenge, developing a photonic RF 

source with a tuning range of several octaves, has been demonstrated in the last few 

years. The second challenge is how to convey phased optical signals to down-
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conversion modules and antennas. Overcoming this challenge will require the 

development of optical feed networks with phase sweeping capability and low noise. 

Another key challenge is the development of ultra-wideband antennas and arrays. 

Modern frontends require antennas to be compact, planar, and low-profile in addition 

to possessing a broad bandwidth, while conforming to stringent space, weight, cost, 

and power constraints.  

To meet these challenges, broadband and miniaturization techniques applicable 

to both single and array antennas are studied. Two ultra-wideband compact Vivaldi 

antennas are presented. The two antennas use distinct loading structures, a circular-

shape-load and a slot-load, and both achieved ultra-wideband performances of more 

than 46 GHz. Loading structures also allow the antennas to achieve their larger 

bandwidths in a smaller length and aperture than comparable unloaded antennas, 

resulting in a compact integrated structure. A wideband, electrically small, planar, 

coupled D-ring resonator antenna driven by an interdigital monopole with an 

embedded matching network is also presented. This antenna, with a footprint of λ/10 × 

λ/14 (λ is wavelength at 1 GHz), achieves an impedance-matched bandwidth of 1 – 

1.7 GHz. 

In addition, the design, fabrication, and integration of an optical feeding 

scheme are investigated to achieve efficient excitation of tightly-coupled-array (TCA) 

antennas. This optical feeding scheme is superior to conventional electrical feeding 

schemes in that it preserves the ultra-wide bandwidth and low profile of a TCA 

antenna. Moreover, light coupling into a photodiode only requires the space to secure 

a fiber ferrule, which allows the optical feeding scheme to be used in dense antenna 

arrays, like the TCA antenna, that support high frequencies into the mm-wave regime. 



 xxi 

 In addition, a novel optical feed network is proposed to distribute two-tone 

coherent optical signals for mixing in the frontend of an active RF aperture with low 

phase noise via orthogonal polarizations of an optical fiber. The proposed feed 

network is comprised of optical components with abundant RF bandwidth. Beam 

steering is also demonstrated using electro-optic (EO) phase modulators.  

Finally, these components are brought together to demonstrate an optically 

addressed phased array transmitter architecture. The advantages of this architecture 

include low transmission losses, low phase noise, a light weight and flexible 

distribution network, a conformal structure, ultra-wideband operation, easy 

implementation, and large scalability. 
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Chapter 1 

INTRODUCTION TO ULTRA-WIDEBAND PHASED ARRAY ANTENNA 

Many modern advanced radio systems require active electrically steered 

antennas (AESA) which have a number of advantages, e.g., multiple independently 

steerable beams, polarization flexibility, and high reliability. Multiple trends are 

simultaneously occurring in AESA development today. First, AESAs are increasingly 

required to be “multifunctional” [1]. The broadband radio apertures in a 

multifunctional system are shared between radar, passive electronic support measures, 

active electronic counter measures, and communications functions. A multifunctional 

system has greater flexibility for multiple missions and multiple roles, increased 

effectiveness and improved survivability. To this end, the radio integrated circuit chips 

in the frontend of an AESA need to support multiple bands and share one antenna 

aperture.  

Second trend is that AESAs are being developed with reduced size, weight, 

and power plus cost (SWaP+C). In particular, low-profile and conformal frontends are 

highly desired. These properties allow antennas to be embedded into the skin of a 

platform (e.g., aircrafts, ships). The benefits of this approach include reduced drag, 

enhanced electromagnetic performance, reduced electromagnetic signature, and 

enhanced damage resistance and structural efficiency [2].  

Third trend is scaling operating frequencies of AESAs, which migrate into 

mm-wave range [1]. Ubiquitous access to data via wireless radio-frequency links is of 

such great value to both civilian and military users that it is safe to say that the demand 
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for higher data rates is virtually unquenchable. From smart phones delivering real-time 

video and navigation assistance, to military unmanned aerial vehicles (UAV) 

collecting high-resolution surveillance imagery around the globe, there is at present a 

mismatch between the amount of useful information that is acquired or stored at a 

remote location, and the capacity of wireless networks to deliver it where it is needed. 

However, congested RF bands below 6 GHz are noncontiguous and aggregating to 

only 780 MHz. In comparison, large contiguous bands are available at mm-wave 

frequencies from 30 − 110 GHz. 

 In the future, AESAs will be required to possess extremely broad bandwidth 

(e.g., 100:1), be conformably deployed on various platforms, and be compliant with 

stringent constraints of SWaP+C. 

1.1 UWB Active Phased Array Antenna Using Optical Approach 

To realize a multifunctional AESA system, conventional RF technologies face 

multiple challenges for achieving ultra-wide bandwidth such as the limited fractional 

bandwidth over which waveguides and other key components can operate. A solution 

to overcoming these challenges is the use of coherent RF photonics: upconverting RF 

signals into the optical domain, where components such as Lithium Niobate (LiNbO3) 

modulators, semiconductor lasers, and optical fibers provide operational bandwidths 

that exceed the entire RF spectrum. For example, 200 GHz represents a fractional 

bandwidth of only 0.1% for a 200-THz optical carrier. Furthermore, compared to 

conventional RF components, optical components are often vastly lighter, exhibit 

lower losses, are immune to electromagnetic interference (EMI), and frequently are 

less costly. Therefore, the ability to use an optical architecture for active phased arrays 

offers an opportunity to exploit enormous absolute bandwidth associated with optics 
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by acquiring and processing signals in the optical domain. The goal of the research 

described in this dissertation has been to develop a new concept as candidate solutions 

to realize multifunctional UWB phased arrays by exploiting RF photonics techniques.  

 
Figure 1.1 Architecture of an optically addressed UWB phased array. This 
architecture employs a widely tunable photonic RF source, optically based feed 
network, analog phase shifter, high-speed down-conversion module, and UWB 
antennas. (TTD: true-time delay, OA: optical amplifier.) 

Figure 1.1 shows a schematic of an optically addressed phased array 

transmitter architecture proposed for this dissertation. The development of such an 

architecture requires many technological advances, including a widely tunable RF 

synthesizer with high spectral purity, an optically-based phased feed network 

consisting of true-time delay (TTD) lines and analog phase shifters, and antenna-

coupled, high-speed, high-power down-conversion modules, and low-profile UWB 

array antennas. This concept evolved from the widely tunable photonic RF source [3], 

illustrated in Figure 1.2. This RF source generation is based on the use of electro-optic 

(EO) phase modulation of a master semiconductor laser to frequency-shift a portion of 
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the output by a select multiple of a low-frequency RF reference. By phase locking a 

second semiconductor laser to the shifted portion (after filtering), the two lasers can be 

mixed at a fast photodetector, resulting in a RF beat tone that exhibits extraordinary 

RF spectral purity. Using this method [3], it has been shown that the generated RF 

signal has 1-Hz linewidth and is tunable from 4 GHz to 110 GHz.  

 
Figure 1.2 Narrow-line widely tunable RF source based on [3]. The picture is a 
fully integrated chip-scale system with notional rendering.  

Since RF signals are borne on optical carriers through the entire system, there 

is no need for costly, bulky high-frequency cables and waveguides. As a result, the 

proposed system well suited for network-scale signal distribution. To achieve signal 

distribution and beam steering, an optical feed network with low insertion losses and 

low noise is required. Another essential component in the system is antenna arrays 

with ultra-wide bandwidth to match the frequency agility of signal sources, which 

operate over many octaves of bandwidth. Without UWB antennas, the phased array 

will be either restricted to narrow operating bandwidths, or be bulked up with multiple 

narrow band antennas. This dissertation addresses the challenges arising from the 
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development of the UWB phased array, ranging from optical feed network to UWB 

antennas and arrays.  

1.2 Overview of UWB Array Antennas 

1.2.1 State-of-the-Art in UWB Array Antennas  

Tremendous effort has been made to develop UWB array antennas in recent 

decades, and multiple significant advances has been achieved in the area. To recap the 

history, Figure 1.3 shows a summary of the most popular UWB arrays together with 

their invention date and performance parameters. Some milestone events since the 

1990s are listed as follows: 

− In 1994, a single-polarized “bunny-ear” antenna array operating at 850 − 1400 

MHz was developed at Hughes [4].  

− In 1997, Raytheon developed a multifunctional array using tapered-slot 

antennas (TSAs) operating at upper C, X, and Ku band (about 4 − 18 GHz) [5]. 

− In 1999, 144-element dual-polarized TSA array with operating bandwidth of 1 

− 5.9 GHz was developed at University of Massachusetts (UMass) [6]. 

− In 2003, Raytheon developed a 9 × 9 bunny-ear dual-polarized antenna array 

operating at 1 − 5 GHz [7]. 

− In 2004, Raytheon developed a bunny-ear dual-polarized antenna array 

operating at 3 − 14 GHz [8]. 

− In 2005, the UHF long-slot aperture was developed with an operating 

bandwidth of  0.4 − 2 GHz at Raytheon [9]. 

− In 2007, Harris developed a TCA array operating at 2 − 18 GHz [10]. 

− In 2009, NRL developed an all-metal TSA array operating at 0.7 − 9 GHz [11]. 
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− In 2011, Georgia Tech developed a fragmented antenna aperture operating at 

0.285 − 10 GHz [12]. 

− In 2012, OSU developed a TCA array with ground plane and embedded 

resistive FSS for the operation of 0.3 − 5.92 GHz [13]. 

− In 2013, UMass developed a planar ultra-wideband modular antenna (PUMA) 

operating at 7 − 21 GHz [14]. 

 
Figure 1.3 Chart of status of ultra-wideband antenna array technology since 1990s.  

As indicated from the survey, the trends in the development of UWB arrays include an 

increase in bandwidth, low-profile (subwavelength depth at the high end of a 

bandwidth), and migration to high-gigahertz frequencies (e.g., mm-wave). 

 Performance of an antenna array is mostly determined by that of its elementary 
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radiators. Some elements suitable for UWB arrays are high-profile tapered-slot 

antenna (TSA), low-profile bunny-ear antenna, and current sheet antenna (CSA), 

tightly coupled dipoles and spirals. The operating frequency of UWB arrays has 

increased from UHF to Ku band. The next section will briefly compare strengths and 

weaknesses of these most popular elements for UWB arrays. 

 
Figure 1.4 Major types of radiating elements for wideband antenna array and 
comparison of their advantages and disadvantages. 

1.2.2 Radiation Elements for UWB Array Antennas  

1.2.2.1 First-Generation Designs 

Figure 1.4 lists the following UWB array elements: TSA, bunny-ear antenna, 

long-slot antenna, and tightly-coupled-array (TCA) antenna that are comprised of 

dipole, spiral, or fragment antenna. The TSA, as shown in Figure 1.5, is the first 

generation of UWB arrays. This array can be easily fabricated and fed by microstrip or 
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stripline. In most cases, a TSA array operates in a frequency band for which their 

tapered slots are longer than half a wavelength at the low end of a band and larger than 

two wavelengths at the high end for a typical 3:1 bandwidth. Wider bandwidth can be 

accommodated with a longer taper, but the element radiation pattern may become 

narrower due to higher gain and grow unstable with scan blindness when higher order 

modes begin to degrade the aperture distribution [7]. Several drawbacks are inherent 

in a TSA array. First, a TSA array has a high profile, which is not suitable for UHF 

antennas on airborne platforms. Second, high-order modes exist along the E-plane of a 

TSA array, which can cause undesired resonances. Third, TSA arrays are known to 

produce high cross-polarization in the principal planes (E- and H-plane) and especially 

in diagonal cut.  

 
Figure 1.5 (a) Stripline-fed tapered-slot antennas, (b) 144-element dual-polarized 
tapered-slot arrays, from [6],  2000 IEEE. 

(a) (b)
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Many of the drawbacks associated with a TSA array can be mitigated in 

bunny-ear antenna arrays. Figure 1.6 shows bunny-ear antennas, the profile of which 

is compared with that of the TSAs with a similar operational bandwidth. As illustrated 

in the figure, both of the inner and outer edges of bunny-ear antennas are flared. This 

geometry provides bunny-ear antennas with lower profile and stronger immunity to 

scanning blindness [7]. Bunny-ear antennas require parallel striplines as an input port 

and, if fed by coaxial lines, baluns from coaxial line to stripline become necessary. As 

a result, the operational bandwidth is directly constrained by the performance of the 

baluns employed in the array.  

 
Figure 1.6 Comparison of TSA and bunny-ear antenna arrays. (a) The tapered slot 
is relatively long, two wavelength or more, and longitudinal surface current tends to 
produce high cross-pol. (b) The bunny-ear is shorter with negligible longitudinal 
current and hence produce lower cross-pol. (c) Front side of a 9 × 9 element dual-pol 
egg-crate array, from [7],  2003 IEEE. 

1.2.2.2 Second-Generation Designs 

Phased arrays comprised of other radiating elements, such as long slots [9], 

connected dipoles, and tightly coupled elements, e.g., dipoles [10], bowties, and 

(a) (b) (c)
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spirals [15], are originated from the same concept of current sheet antenna (CSA). 

These antenna arrays are the second generation of UWB arrays. Differing from a TSA 

and a bunny-ear array, a CSA can be fabricated on an ultra-thin substrate in a planar 

and conformal form. In the absence of a ground plane, an ideal CSA can possess 

infinite bandwidth. Given these positive characteristics, CSAs have become the 

premier candidate for UWB arrays and therefore are receiving increasing attention 

lately. Figure 1.7 shows the four typical CSA forms: (a) a 32-element long-slot array 

for 150 − 600 MHz operation, (b) a 5 × 5 interwoven spiral array for 30 − 300 MHz 

operation, (c) a tightly coupled dipole array for 2 − 18 GHz operation, and (d) a 

fragment array aperture for 0.3 − 10 GHz operation. 

 Although a CSA has many distinct advantages, there are multiple challenges 

in realizing efficient excitation over ultra-wide bandwidth. First, its feed lines are 

physically normal to the surface of the radiation elements. Second, the input 

impedance of a CSA is much higher than 50 Ω, which cause difficulty in impedance 

match when 50-Ω RF coaxial cables are used as the feed lines. Third, CSA elements 

usually have a symmetrical geometry, thus requiring an UWB balun to suppress 

common-mode excitation. Fourth, the integration of RF cables with CSA elements is 

difficult to perform at mm-wave frequencies due to their small dimensions and limited 

space. To circumvent these challenges, various techniques have been used: placing 

another substrate of feeding circuitry vertically to that of the CSA elements [13], 

applying external bulky wideband baluns [10], and using narrowband integrated balun 

and impedance matching network [16]. However, these methods can significantly 

degrade the performance of a CSA and are not viable at mm-wave frequencies. 

Further discussion of feeding techniques for CSAs is detailed in Chapter 4. 
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Figure 1.7 (a) 32-element long-slot array for 150 − 600 MHz operation, from [9], 
 2006 IEEE; (b) 5 × 5 interwoven spiral antenna array for 30 − 300 MHz operation, 
from [15],  2011 IEEE; (c) single-polarization CSA  breadboard showing the 
coupled elements (left), entire aperture (middle), and feed network (right) designed for 
2 − 18 GHz, from [10],  2007 IEEE; (d) the fragment element (left) and array 
aperture (right) for 0.3 − 10 GHz operation, from [12],  2011 IEEE. 

To better understand the state of the art of CSAs, let us compare their relative 

strengths and weaknesses of a variety of tightly coupled radiation elements used in 

CSAs. A long-slot and connected-dipole array are complementary in geometry, so 

they have similar impedance characteristics. However, planar connected-dipole arrays 

possess the lowest cross-polarization. In addition, the reactive energy contained in 

(a) (b)

(c)

(d)
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their feeds can be tuned in order to achieve broad matching independently from the 

scan angle [17]. An interleaved-spiral array demonstrates the widest bandwidth, but 

suffers from high cross-polarization. A fragment-antenna array exploits a genetic 

algorithm (GA) to synthesize a broadband radiation aperture. It actually can be seen as 

infinite current sheet where the current flows in any path rather than two orthogonal 

directions. Fragment arrays also suffer from high cross-polarization. As a result, 

tightly coupled dipole antennas are a relatively better candidate for practical 

applications requiring both ultra-wide bandwidth and low cross-polarization. 

The preceding survey provides essential context for the research effort 

described in this dissertation and also raises two significant questions. The first 

question is how to design UWB antenna arrays for an optically addressed phased array 

system? Second, what are the essential differences between optically fed and 

electrically fed antennas? The above questions will be addressed throughout this 

dissertation. 

1.3 Original Contributions and Dissertation Outline 

 I introduced multiple novel techniques used in the process of developing an 

optically addressed phased array. Specifically: 

• A novel optically addressed phased array transmitter architecture is 

proposed. This architecture features ultra-wide bandwidth, spatial agility, 

and low SWaP.  

• A novel UWB Vivaldi antenna with an operational bandwidth of more than 

46 GHz is proposed. The loading techniques can effectively increase the 

bandwidth of Vivaldi antennas while keeping the antennas compact. 
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• A wideband electrically small antenna is proposed. It has an operational 

bandwidth of 1 − 1.7 GHz and efficiency approaching the Chu limit. 

• Photodiode-coupled TCA antennas as well as their analysis, design, and 

fabrication methods are developed. This optical feeding scheme preserves 

the operational bandwidth of a TCA antenna and can drive a TCA antenna 

at high-gigahertz frequencies.  

• A novel optical feed network realized by interleaved optical fibers with low 

excess noise is demonstrated. This optical feed network can distribute two-

tone coherent optical signals across an RF aperture with low loss and 

distortion.  

This dissertation is organized as follows: 

In Chapter 2, I examine Vivaldi antennas and propose two modified antipodal 

Vivaldi antennas terminated by two different kinds of loadings to match the 

termination of a traditional Vivaldi antenna. Although the physical mechanisms of the 

two loads which enable the antenna to radiate below the cutoff frequency are different, 

both are able to mitigate the restriction on the antenna length and aperture, thereby 

offering a more compact antenna configuration for a particular UWB operation. 

In Chapter 3, I first review metamaterial-inspired techniques used in the design 

of electrically small antennas. Then, an electrically small antenna with a footprint of 

λ/10 × λ/14  (where λ is the free-space wavelength at 1 GHz) is developed comprised 

of a subwavelength resonator driven by an interdigital monopole coupler, along with 

an embedded matching network. This antenna operates over the bandwidth of 1 – 1.7 

GHz and has the efficiency approaching the Chu limit. 
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In Chapter 4, the history of TCA array and various excitation methods are first 

reviewed. Then, the concept of an optically fed photodiode-coupled TCA is proposed 

to overcome many practical difficulties occurring in electrical feeding schemes. 

Analysis and design techniques required by the optically fed array are investigated. As 

an example, a connected-dipole array with an operational bandwidth of more than 12 

GHz is designed and simulated.  

In Chapter 5, a novel optical phased feed network is proposed. The excess 

noise coupled into the optical signals imparted to the antennas undermines the beam 

steering of the optically addressed phased array. This chapter offers a candidate 

solution to address this issue. 

In Chapter 6, a novel optically addressed phased array transmitter architecture, 

briefly described in Chapter 1, is further described and implemented. A system 

prototype comprised of RF source generation, optical feed network, integrated active 

antenna, and electronic control, is developed. Two different antenna arrays, i.e. patch 

and TCA, are employed in measurements to demonstrate for the concept's validity. 

In Chapter 7, I summarize this dissertation and provide some insight towards 

future research. The analysis and design method introduced in this dissertation can be 

applied to develop a larger phased array with a higher operational frequency. 
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Chapter 2 

2-50-GHZ ULTRA-WIDEBAND MODIFIED VIVALDI ANTENNA 

2.1 Introduction to Vivaldi Antennas 

The Vivaldi antenna [18] is one of the best candidates for UWB radio systems 

due to its planar structure, low profile, light weight and ultra-wide bandwidth. Vivaldi 

tapered slot antenna (TSA) generally consists of two different structures, i.e. coplanar 

[19] and antipodal [20] geometry. Coplanar Vivaldi antennas usually offer wideband 

performance, i.e., two octaves. This limitation is mainly imposed by the feeding 

transitions, e.g., microstrip-to-slotline, to work as the feeding balun used in coplanar 

Vivaldi antennas. For instance, in this structure, microstrip fan-shaped stub produces 

very high radiation loss and even distorts radiation patterns at high frequencies. 

Compared with a coplanar Vivaldi antenna, an antipodal one, however, can achieve 

much wider bandwidth, i.e. > 10:1, owing to some natural UWB feeding transitions, 

e.g., microstrip-to-parallel stripline. One drawback involved in antipodal Vivaldi 

antennas is relatively high cross polarization. J. D. S. Langley, et al., [21] presented a 

balanced antipodal configuration capable of lowering the cross polarization. The 

design criteria and performance of conventional Vivaldi antennas have been reported 

[22], [23]. The bandwidth of Vivaldi antennas is generally proportional to their length 

and aperture. Therefore, the antenna becomes bulky when UWB performance is 

desired. Some modifications were implemented on coplanar Vivaldi antennas to attain 

compact configuration [20], [21], [19] − [ 32]. Corrugated aperture edge is applied to 

mitigate sidelobe level as the width of the antenna outer edge decreases [19] [24]. 
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Numerical techniques has also been employed in order to optimize antenna 

geometrical parameters [26]. In addition, dual exponentially tapered slots antenna 

(DETSA) have been achieved by modifying antipodal Vivaldi antenna to minimize the 

size for UWB operation. However, the radiation patterns of DETSA lack directivity 

and stability [27]. Thus far, there has been few reported compact Vivaldi antenna with 

over 25:1 impedance bandwidth to meet the requirements of an ultra-wideband 

antenna array fed with a RF-photonics system. 

In this chapter, I propose two modified antipodal Vivaldi antennas which are 

terminated by two different kinds of loadings, i.e., circular-shape-load and slot-load to 

match the termination of a traditional Vivaldi antenna [28]. Although the physical 

mechanisms of two loads, which enable antenna to radiate below the cutoff frequency, 

are different, both are able to mitigate the restriction on the antenna length and 

aperture, thereby offering more compact antenna configuration for a particular UWB 

operation. Both antennas are simulated with three dimensional AYSYS High 

Frequency Structural Simulator (HFSS) based on finite element method (FEM). All 

the measurements are implemented on Agilent PNA Network Analyzer E8361C. 

2.2 Antenna Design and Parametric Study 

2.2.1 Circular-Shape-Load Vivaldi Antenna 

Figure 2.1 shows the geometry of a conventional Vivaldi antenna designed on 

a 10-mil substrate with a dielectric constant of 2.3. In the design of an antipodal 

Vivaldi antenna, two arms metalized on either side of the substrate are flared in the 

opposite direction to form a tapered slot. To improve the impedance characteristics, 

the exponentially tapered slot is typically defined as: 
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Figure 2.1 A conventional antipodal Vivaldi antenna. Red is the bottom layer, 
yellow is the top layer, and blue is the substrate. 
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where l is the effective radiation length and w is the aperture size. The antipodal 

configuration allows for a natural transition from microstrip feeding, thereby 

providing ultra-wideband characteristics as well as lower radiation loss at high 

frequencies compared to the microstrip-to-slotline transition used in coplanar Vivaldi 
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transition from microstrip to parallel strip line. An optimal radius of r0 = 11.6 mm is 

used. For a given tapered slot length of l = 40 mm and aperture of w = 24 mm, α needs 

to be optimized for an ideal bandwidth. The antenna cutoff wavelength can be defined 

by [23]: 

 2c wλ =                                                          (2.3) 

As a result, the lower cutoff frequency is about 7 GHz here. In other words, the current 

aperture and length of this conventional Vivaldi antenna has to be approximately 

enlarged three times to reach the lower cutoff frequency of 2 GHz.  

To further improve the bandwidth while making the antenna compact, the 

circular-shape-load Vivaldi antenna, as shown in Figure 2.2, is proposed. This antenna 

is attained by adding a circular load on each arm of the conventional one. The outer 

edge of circular load matches with the conventional Vivaldi antenna. The overall 

extension distance d, circle center (x0, y0) and radius of r, are related by: 

 
Figure 2.2 The circular-shape-load Vivaldi antenna. Red is the bottom layer, 
yellow is the top layer, and blue is the substrate. 
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Based on our previous discussion, the parameter d along with α is to be 

optimized under the criteria of achieving the widest bandwidth and compact geometry 

through a parametric study. First, by maintaining α constant, the return loss by varying 

d is investigated. Figure 2.3 is the simulated return loss with α = 0.1 and d varying 

from 0, 10 mm, 20 mm, and 25 mm, respectively, illustrating the impedance 

bandwidth to be dramatically expanded by applying the load. Without the load (d = 0), 

the lowest operating frequency with return loss less than -10 dB is about 9 GHz. By 

increasing d, this frequency can be lowered to about 4 GHz. However, it is also 

observed the return loss has no noticeable change at d above 20 mm. In addition, I 

keep d constant and vary α to study impedance characteristics. Figure 2.4 shows the 

simulated return loss with d of 20 mm and α respectively of 0.05, 0.08, 0.1, and 0.13. 

As shown from Figure 2.4, return loss decreases as α increases from 0.05 to 0.1 and 

then increases when α is above 0.1. Therefore, α = 0.1 and d = 20 mm is found to 

offer the ultra-wideband performance and compact configuration with the circular-

shaped load. All of the geometrical parameter values are listed in Table 2.1. 

 
Table 2.1 The geometric parameters for the antenna 

w0 r0 l w α d S 
0.675mm 11.6mm 40mm 24mm 0.1 20mm 0.9mm 
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Figure 2.3 The simulated return loss of circular-shape-load Vivaldi antenna with α 
= 0.1 and varies d of 0, 10, 20, 25mm. 

 
Figure 2.4 The simulated return loss with d = 20 mm and varies α of 0.05, 0.08, 
0.1, 0.13. 

2.2.2 Slot-Load Vivaldi Antenna 

The antenna impedance bandwidth at low frequency can be further increased. 

In addition, the radiation pattern can be improved and tailored to achieve high 

directivity. To achieve this, the slot-load antenna as shown in Figure 2.5 is proposed. 
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Such an antenna is designed by properly introducing slots on the optimized circular-

shape-load. Extensive numerical studies on the slot orientation have been performed, 

and it concludes that the orientation of the slots chosen about 45o with respective to y-

axis provides the better directivity. The slot-load basically gives rise to two-folded 

effects on the performance of the circular-shape-load antenna. First, due to the change 

of the current flow, i.e., the current distributes along the “fingers” instead of the 

circular edge, actually producing more directive radiation pattern than the circular-

shape-load Vivaldi antenna. Secondly, loaded slots will change the return loss of 

circular-shape-load Vivaldi antenna, particularly at relative low and high frequency 

range. This is because the circular-shape-load is mainly characterized as a resistor 

whereas the slot-load is more like an RLC resonator. The resonant wavelength of each 

finger can be approximately estimated by 

 0
14

2
r

sl
ελ +

=                                             (2.6) 

where ls is length of each finger and εr is dielectric constant of the substrate. In order 

to achieve a wideband performance, multiple slots with varied lengths are used to 

merge these resonances. The gradually increased length of the six fingers on each load 

is listed in the Table 2.2. Slot width of s does not impact return loss apparently, except 

for the resonances slightly shifted toward the lower frequency as s decreases. This 

phenomenon similarly exists in all dipole antennas. By the parametric study, the slot 

width of s is chosen as 0.9 mm to achieve a good impedance bandwidth. The design 

parameters for the slot-load antenna are listed in Table 2.1 and Table 2.2. 
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Figure 2.5 The slot-load Vivaldi antenna. Red is the bottom layer, yellow is the 
top layer, and blue is the substrate. 

 

Table 2.2 The resonant frequency incurred by the slot-load 

 
Finger 

Lengths 
(mm) 

Calculated 
f0 

(GHz) 

Simulated 
f0 

(GHz) 

Measured 
f0 

(GHz) 
13.7 4.3 4.3 4.3 
12.7 4.7 4.7 5.0 
11.3 5.2 5.2 5.8 
9.6 6.2 6.0 6.2 
7.4 8.0 7.5 7.5 
4.5 13.0 13.5 13.0 

2.3 Measured Results and Discussion 

The antenna is fabricated with standard lithography technology on a 10 mil 

thick Rogers Duroid 5880 substrate, and then is attached on a piece of Eccostock SH8 

(polyurathane) foam with very low loss and dielectric constant in order to keep the 

antenna stable during measurement. The antennas are fed through 2.4-mm coaxial 

ls

s
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adaptor capable of working from DC to 50 GHz. Figure 2.6 shows the fabricated 

circular-shape-load and slot-load Vivaldi antenna. 

 
Figure 2.6 Fabricated (a) circular-shape-load Vivaldi antenna and (b) slot-load 
antenna. 

The measured return loss of the conventional and modified Vivaldi antennas is 

compared in Figure 2.7. It can be seen that at the low frequency, i.e., 2 − 8 GHz, the 

slot-load Vivaldi antenna demonstrates the best wideband performance in terms of 

impedance bandwidth with a return loss less than -10 dB, except at a few frequencies. 

The results are also in agreement with the simulation. The return loss of the slot-load 

Vivaldi antenna becomes larger than that of the other two antennas, as seen from the 

figure, at the high frequency, i.e., 40 − 50 GHz, which is attributed to a rising 

mismatch with large reactance involved in the slot-load. In summary, the achievable 

impedance bandwidth of the conventional, circular-shape-load and slot-load Vivaldi 

antennas with geometrical parameters in Table 2.1 are about 9 − 50 GHz, 4 − 50 GHz, 

and 2 − 50 GHz, all with the typical return loss less than -10 dB and the maximum less 

(a) (b)
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than -8 dB. Therefore, the antennas with the optimized loads, i.e., circular-shape-load 

and slot-load, can dramatically improve the impedance bandwidth and achieve 

compact geometry.  

 
Figure 2.7 The measured return loss respectively of the conventional, circular-
shape-load, and slot-load Vivaldi antenna. 

The physical mechanism of circular-shape-load Vivaldi antenna with the 

capability of radiating below the cutoff frequency of the conventional Vivaldi antenna 

can be explained as follows. Surface current on the metallization layers is primarily 

confined to the metallization edges of the radiating flares. At high frequencies, the 

longer electric length of tapered slot allows sufficient radiation and thereby a small 

amount of current remains at the end of the flare. However, for low frequencies, the 

flare length in terms of wavelength is much shorter. As a result, the current on the 

flare is less efficiently radiated. In addition, the remaining current at the end of the 

flare cause the radiation pattern to be distorted. In the circular-shape-load Vivaldi 
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antenna, the current path is smoothly extended longer along the circular curve, and is 

thereby capable of providing symmetric radiation over an ultra-wide bandwidth. The 

slot-load Vivaldi antenna can radiate below the cutoff frequency, however, because 

the “fingers” at the end of the flare induce resonances. As a result, the slot-load 

antenna behaves like a resonant antenna with multiple resonant frequencies at low 

frequency instead of a traveling wave antenna at high frequency. As mentioned above, 

the fundamental resonances of the slots can be evaluated according to Eq. (2.6). It is 

worth examining the impact of the loaded slots on the return loss. Table 2.2 offers the 

comparison of the calculated resonant frequencies with the simulated and measured 

results. Good agreement between them allows accurate design to improve the 

impedance characteristic at low frequency. 

Figure 2.8 shows the measured E-plane (the xoy plane in Figure 2.1) radiation 

patterns of both modified Vivaldi antennas at five frequencies in the range of 4 − 50 

GHz. The measured results are also compared with simulations at 4 GHz, 10 GHz, and 

20 GHz for validation. The comparison at higher frequency is not implemented due to 

limited computer memory and time. As seen from the figure, the measured E-plane 

patterns are in good agreement with the simulated results. In addition, the slot-load 

antenna displays better directivity in terms of smaller half-power beamwidth (HPBW) 

and sidelobes, especially at frequencies lower than 30 GHz. At higher frequencies, the 

radiation patterns of both antennas tend to be identical, because most power has 

already been radiated before arriving at the loading structures.  

Figure 2.9 shows the measured H-plane radiation patterns of the slot-load 

antenna at 4 GHz, 10 GHz, 20 GHz, 30 GHz, and 40 GHz, respectively. Through 

examining the Figure 2.8 and Figure 2.9, I found the pattern beamwidths in both E and  
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Figure 2.8 Simulated and measured radiation patterns of the circular-shape-load 
and slot-load Vivaldi antenna at (a) 4 GHz, (b) 10 GHz, (c) 20 GHz, and the measured 
results at (d) 30 GHz, (e) 40 GHz, and (f) 50 GHz. 

 

 
Figure 2.9 Measured H-plane radiation patterns of the slot-load antenna. 

 

H-plane are wider at low frequencies and then narrow to a constant beamwidth as the 

frequency increases to above 30 GHz 

The gain of the two antennas is slightly different, as shown in Figure 2.10, and 

varies between 3 to 12 dBi over 4 − 50 GHz. The discrepancy between the simulation 

and measurement is due to ohmic and substrate loss, surface roughness of fabrication 

and other factors which are very difficult to be predicted but significant at high 

frequency. The measured results of the gain and radiation patterns at the frequency 

below 4 GHz are not available here due to the measurement system capability of 4 − 

50 GHz. According to the simulated result as shown in Figure 2.10 (b), the gain of the 

slot-load Vivaldi antenna at 2 GHz is expected to be about 1.0 dBi. The cross-

polarization of the modified Vivaldi antenna is generally similar to the traditional one 
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and has maximum -15 dB in the operating bandwidth. It can be further lowered, if 

necessary, using a balanced antipodal structure. 

 

 

(a) 

 

(b) 
Figure 2.10 Measured versus simulated gain. (a) Circular-shape-load and (b) slot-
load Vivaldi antenna.  

2.4 1 × 4 Phased Slot-Load Vivaldi Antenna Array 

A 1 × 4 slot-load Vivaldi antenna array fed by fixed true-time delay lines is 

fabricated and characterized. To demonstrate beam steering, the feed network with 

three different fixed delay times, as shown in Figure 2.11, are applied to achieve beam 

shift of 0o, 18o, and 30o, respectively. The network is fabricated on a 10 mil thick 

RT/Duroid 6010 substrate with εr = 10.2. Seven-order Chebyshev impedance 
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transformation from 100 Ω to 50 Ω is used to feed the array to order to achieve 

broadband operation.  

 
Figure 2.11 1-to-4 feed network with different fixed true time delays to achieve 
beam shift of 0o, 18o, and 30o, respectively. 

 
Figure 2.12 The fabricated 1 × 4 slot-load Vivaldi antenna array with the true-time 
delayed lines. 

The fabricated array composed of four slot-load Vivaldi antennas as shown in 

Figure 2.12. The adjacent antennas are spaced with 15 mm. The experimental results 

0o phase shift 18o phase shift 30o phase shift

50Ω

100Ω50Ω 100Ω 50Ω
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of beam steering at 4 GHz, 8 GHz, 12 GHz, and 16 GHz are shown in Figure 2.13 

[33]. 

 

  

(a) (b) 

 
 

(c) (d) 
Figure 2.13 The measured normalized radiation patterns of beam steering at 
frequencies of (a) 4 GHz, (b) 8 GHz, (c) 12 GHz, and (d) 16 GHz. 

The result demonstrates the array possesses capability of broadband operating 

of beam steering. The highest operational frequency is limited by the array element 

spacing, which ensures no grating lobe occurs inside the scanned zone of interest. It is 

noted that the highest sidelobe of the 30o-offset beam arises from -10 dB to -4 dB as 

the frequency increases from 4 GHz to 16 GHz. In addition, with the true-time delay, 

there is no beam squint observed as we expected. 
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2.5 Summary 

This chapter presents two ultra-wideband compact Vivaldi antennas. By 

introducing two different loading structures, i.e., circular-shape-load and slot-load, 

both antennas have ultra-wideband performance of more than 46 GHz. Loading 

structures mitigates the requirement of bandwidth on the antenna length and aperture, 

resulting in a compact structure for the antenna. It is worth pointing out that the slot-

load Vivaldi antenna can have wider bandwidth by manipulating the slot length and 

width to create a lower frequency resonance to be merged. In summary, the circular-

shape-load Vivaldi antenna is characterized as lower return loss, while the slot-load 

Vivaldi antenna exhibits nearly 2 GHz wider impedance bandwidth with typical return 

loss of less than -10 dB except only a few frequencies which could cause problem. 

The slot-load Vivaldi antenna is allowed to possess the radiation pattern with 

suppressed sidelobes and higher directivity in a particular spectral range. The beam 

patterns of modified Vivaldi antennas are symmetric in both E- and H-plane and 

become stable when frequency is larger than 30 GHz. In addition, the modified 

Vivaldi antenna is characterized of compact geometry, symmetric and directive 

radiation pattern in antenna plane (xoy plane), convenient integration with opto-

electronic circuit, therefore being suitable for realizing an ultra-wideband antenna 

array fed with a RF-photonics system. One more thing to be noted is the loading 

method employed in this chapter theoretically differs from other techniques utilized to 

optimize impedance characteristics, e.g., DETSA, which is through a modified tapered 

slot and flare. Therefore, our loading method can be applied together with dual 

exponential taper to achieve a more miniaturized configuration and wider operational 

bandwidth. 
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Chapter 3 

METAMATERIAL-INSPIRED WIDEBAND ELECTRICALLY SMALL 
ANTENNA 

3.1 Introduction to Electrically Small Antenna 

Wideband, planar, electrically small antennas (ESAs) are receiving increased 

attention for applications in wireless communications and systems, most notably at 

VHF and UHF frequencies. Recently, metamaterial (MTM) based techniques have 

been investigated for use with ESAs [34]-[50] and in such techniques the MTM can be 

used for a variety of roles. MTMs with negative constitutive permittivity (ε) or 

permeability (µ), when used as substrates of antennas, can shift resonant frequencies 

to the lower end [34]-[36]. Zeroth-order ΜΤΜs have an infinite wavelength which 

allows for size reductions of antennas [39]-[41]. Split-resonator ring (SRR) MTMs can 

be used to impedance match small antennas to 50 Ω [42]. A single unit of MTMs in 

these antennas can be viewed as a parasitic component capable of changing the 

impedance of feeding antennas, which usually dominates radiation. Another kind of 

MTM, capacitively loaded loops (CLLs), have coupling between resonance and 

radiation, and therefore they can be individually seen as antennas [43]-[45]; however, 

it is quite challenging to feed this kind of MTM-based antenna due to their extreme 

impedance property and naturally narrow bandwidth. Near-field coupling from the 

open stub of a coax has been able to drive CLLs, but a good impedance matching was 

only achieved in an exceedingly narrow band. Most of the MTM-based ESAs 

described above are subject to a narrow bandwidth, which limits practical applications 



 33 

especially in emerging broadband wireless communications. In order to alleviate this 

problem, multi-band and multi-mode techniques of ESAs have been investigated [46]-

[51]; however, the bandwidths are still less than 5% and most of them are not in a 

planar configuration. 

To alleviate this problem, I present a planar ESA on the basis of coupled 

subwavelength resonators comprised of D-rings (see Figure 3.1) capable of resonating 

at a wavelength of about 1/12λ. Coupled D-rings (CDRs) exhibit strong coupling to 

radiation and consequently very low Q values varying from 3.5 to 1.5 times the Chu 

limit when the number of arms of D-rings increases from two to eight [52]. Despite 

this advantage (lower Q values offers ESAs wider bandwidths because of Q = 

2/FBW3dB), only two coupled planar D-rings are used in order to realize a wideband 

ESA with a planar configuration, which is desired in many portable wireless devices. 

In addition, resonant frequencies of CDRs, unlike that of CLLs, are determined by 

both the physical dimension of a single ring and their mutual coupling (see Figure 

3.6). Lower resonant frequencies can be achieved by closer spaced D-rings owing to 

their stronger mutual coupling. There are two fundamental resonant modes, i.e., even 

and odd mode, corresponding to capacitive and inductive coupling, respectively, 

between the two rings. Later it will be shown that the magnetically coupled D-rings 

have lower Q values than the capacitively coupled D-rings, which implies that it is the 

appropriate MTM for use in ESAs. It is quite challenging to drive the two coupled D-

rings properly with an impedance match of a typical value of 50 Ω, let alone in a wide 

bandwidth. I will show that D-rings with a footprint of λ/10 × λ/14 (where λ is the 

free space wavelength at 1 GHz), driven by an interdigital monopole coupler with an 

embedded matching network, are able to be operated over the bandwidth of 1 – 1.70 
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GHz [53]. To the author's best knowledge, this is the widest bandwidth achieved by 

ESAs without using an external matching network composed of lumped components. 

In addition, the simulated result shows the efficiency approaches the theoretical Chu 

limit. 

 
Figure 3.1 Two planar coupled D-ring whose parameter in the figure are Lx = 20.5 
mm, Ly = 26 mm, w = 1 mm, g = 0.05 mm, h = 25 mil, and t = 0.7 mil. 

3.2 Subwavelength Coupled D-Ring Resonators 

A planar coupled D-ring resonator on a 25mil-thick Duroid 5880LZ substrate, 

as shown in Figure 3.1, consists of two rectangular metal rings with widths of w, 

spaced by a distance of s. Each ring has a slit with a width of g. All the parameters are 

shown in Figure 3.1 and their values are given in the caption. A CDR is expected to 

have two fundamental modes, i.e., even and odd mode, due to its symmetric geometry. 

The field distribution of each mode can be obtained by performing a numerical 

simulation of eigenmode analysis by placing the D-rings in a box surrounded by 

perfect matched layer (PML) boundaries. In the simulation, the metal of the rings is 
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set as copper with a conductivity of σ = 5.8×107 siemens/m. Electric fields of the first 

two fundamental modes are shown in Figure 3.2. The simulation result shows that the 

first mode (see Figure 3.2 (a)) appears at a frequency of 2.1 GHz while the second 

mode (see Figure 3.2 (b)) appears at 4.5 GHz. Comparing the electric field distribution 

I find that the first mode has a symmetric field (therefore called even mode) while the 

field of the second mode is anti-symmetric (called odd mode). The even mode is of 

interest due to its smaller Q value, which indicates strong coupling to radiation 

because of the higher radiation loss involved. In fact, the electric field of the even 

mode is similar to that of a negative-ε sphere [52]. The field is fairly uniform inside 

the rings while outside the rings the field behaves like the field of a dipole. Moreover, 

the two rings have the same potential in the even mode and therefore are magnetically 

coupled. The resonant frequency fr of the even mode is: 

 
Figure 3.2 Electric field distribution of two fundamental modes of the CDR 
resonator: (a) even mode at 2.1 GHz and (b) odd mode at 4.5 GHz. 

(a) (b)
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Figure 3.3 The Q-factor and resonant frequency fr versus the slit width g of the D-
ring under the even mode. 
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where Lr and Cr are the effective inductance and capacitance of a single ring, and Mr is 

the effective mutual inductance between two rings. In addition, I also investigate the 

Q-factor of the D-rings with different slit width g. To this end, the D-ring is placed in 

free space surrounded with radiation boundaries in HFSS. A planar wave with the 

polarization aligned with the slit is normally incident on the D-ring in order to only 

excite the even mode, as shown in the inset of Figure 3.3. At the resonant frequency, 

the D-ring has the largest scattering cross section, i.e., the highest scattering power. 

The Q-factor is estimated by the resonant frequency divided by 3-dB scattering power 

bandwidth. In this way, Q-factor and resonant frequency fr are obtained for g equal to 

0.05 mm, 1 mm, 2 mm, 3 mm, 4 mm, 5 mm, and 6 mm, respectively, as shown in 

Figure 3.3. It is observed that fr increases as g increases while the Q-factor decreases. 
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In order to obtain a low resonant frequency, g equal to 0.05 mm is chosen and its 

corresponding Q-factor is 46. Therefore, Q/Qchu of 11.6 is obtained when dielectric 

and conduction losses are not included. Qchu is [54]: 

 
( )3

1 1
chuQ

kaka
= +                                             (3.2) 

where a is the minimum radius of a sphere enclosing the D-rings. The odd mode, 

unlike the even mode, is produced by a capacitive coupling between the two arms. The 

odd mode will also generate an undesired cross polarization. For the above reasons the 

ESA will be implemented by driving the even mode of the CDRs and suppressing the 

odd mode.     

3.3 Operating and Design Principle 

3.3.1 Driving Mechanism 

The even mode of CDRs can be driven by a monopole between the two rings. 

The driving mechanism is plotted in Figure 3.4 (a). Part of the electric field flux (black 

dashed lines) originating from the monopole and flowing through the slits of the rings 

is able to generate a voltage or displacement current across the slits, activating these 

gaps. Such an activated gap, equivalent to an ideal current source (with an infinite 

impedance), can drive the rings. In this way, an effective drive can be achieved 

through electric or capacitive coupling between the monopole and rings. As a result, 

the driven current on the rings (red solid lines) will flow opposite to the driving 

current on the monopole (blue solid lines) as plotted in Figure 3.4 (a). The rings could 

also possibly be driven by magnetic coupling between the rings and monopole. In this 

case, the driven current would be flowing in the same direction as the driving current. 
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Because of the opposite direction of the driven current due to the two possible 

coupling mechanisms, I need to confirm the dominant case. Figure 3.4 (b) shows the 

simulated result of the current distribution at the resonant frequency of 1.7 GHz 

obtained by performing HFSS, which indicates that electric coupling is a major 

driving mechanism, which is consistent with prior analysis. The resonant frequency 

shift from 2.1 to 1.7 GHz will be explained later in this section. 

 

(a)                                                  (b) 
Figure 3.4 Excitation mechanism of the D-ring resonator: (a) physical mechanism 
(dashed lines represents electric field and solid lines represent current distribution) and 
(b) simulated current distribution. 

The even mode of the CDRs behaves like an anti-resonance, which can be 

modeled as a parallel RLC circuit, where the equivalent inductance of Lr and 

capacitance of Cr are extracted as follows. At a high frequency, Cr ≈ 1/(2πfZ11) where 

Z11 is the self-impedance of the individual D-rings under normal illumination of a 

planar wave whose electric polarization is vertical to the slits on the rings. Then, Lr = 

gc

lswp

wm
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1/(2πfr)2Cr where fr is the anti-resonant frequency of 2.1 GHz. As a result, the 

extracted Lr and Cr are 10.2 nH and 0.58 pF, respectively. Figure 3.5 shows the 

impedance obtained from the circuit model and full-wave simulation. A good 

agreement between the two results is observed and thereby verifies the modeling of 

the D-ring as a parallel RLC resonator near the frequency of 2.1 GHz. Based on the 

above analysis, an equivalent circuit of the driven rings is shown in Figure 3.6. The 

input impedance of Zin can be written as: 
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Figure 3.5 Equivalent circuit model of the D-ring is extracted from the HFSS 
simulation results.  
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Figure 3.6 Circuit model of the CDRs and the monopole driven CDRs. 

where Cm and Mm is the effective coupling capacitance and mutual inductance between 

the rings and monopole, and Lr, Cr, and Rr are the effective inductance, capacitance, 

and resistance of the rings, and Rd and Cd are the radiation resistance and capacitance 

of the driving monopole. Due to a very large Rr (~1300 Ω) under anti-resonance, it is 

quite challenging to realize an impedance match of the driven rings to 50 Ω and more 

difficult to achieve a wide bandwidth. At the condition of strong coupling between the 

driving small monopole and CDRs, i.e., ω2Cm(Ld+Mm) > 1, Rd << Rr, and Cd >> Cm, 

the input resistance, i.e., the real part of Eq. (3.3), can be written as: 
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This is the case discussed in Section 3.2 when the CDRs are strongly coupled 

capacitively with the driving monopole. It is evident from Eq. (3.4) that Cm can affect 
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coupling actually functions as an impedance transformer. Another effect of Cm is to 

cause a further decrease of the resonant frequency. As we noted, fr changed from 2.1 

GHz to 1.7 GHz. Furthermore, Cm can be affected by changing the distance of gc 

between the monopole and rings. Measuring Rin with a various gc parameter helps find 

the coupling strength, or Cm.  

 

 

(a) 

 

(b) 
Figure 3.7 The input impedance Zin of the monopole driven D-ring with the 
various coupling distance of gc: (a) real part and (b) imaginary part. 

Figure 3.7 (a) shows Rin values when gc is 0.05 mm, 1 mm, and 2 mm, 

respectively. From the figure, it is found that Rin decreases as gc increases. On the 

other hand, from Eq. (3.4), when Cm increases, Rin decreases. Therefore, Cm is 
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further, only the weak coupling exists between the CDRs and the monopole, therefore, 

Rin will approach Rd. Since Rd is very small, Rin will decrease as gc increases. 

Therefore, for both the strong and weak coupling condition, Rin continuously 

decreases with an increasing gc as indicated by Figure 3.7 (a). We will see later that 

such a coupling is capable of optimizing the impedance property for realizing a wider 

impedance bandwidth. It is noted from Figure 3.7 that the largest Cm corresponds to a 

gc value of 2 mm for which Rin is closest to 50 Ω. However, the impedance matching 

cannot be achieved simply by reducing gc since the reactance Xin below fr moves to 

larger negative values simultaneously. The reason for this is as follows. Below fr, the 

coupled rings are inductive while the driving monopole is capacitive. As gc increases, 

less inductive energy exists around the monopole to compensate the capacitive energy 

and hence the reactance is more capacitive. A lumped inductor could be applied, but 

this would only achieve the impedance match at an exceedingly narrow bandwidth and 

also reduce the antenna efficiency. Therefore, this is not the preferable choice and the 

analysis below demonstrates a new technique capable of matching the impedance of 

the ESA to 50 Ω over a wide bandwidth.  

3.3.2 Embedded Wideband Impedance Matching 

There are different techniques for impedance matching [56], e.g., T-network in 

Figure 3.8 (a) and (b). However, for ESAs, a matching with lossless inductors and 

capacitors is effective over only an exceedingly small bandwidth [57]. To achieve a 

wideband match, I use a method whose baseline configuration is shown in Figure 3.8 

(c). In the figure, a section of transmission line with a characteristic impedance of Zm 

(not equal to 50 Ω) and length of Lm follows an antenna. This method is effective only 
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when the loci of the impedance to be matched runs clockwise on a Smith chart as 

frequency increases.  

 
Figure 3.8 Antenna impedance matching techniques: (a) LCL T-network, (b) CLC 
T-network, and (c) transmission line. 

For example, Figure 3.9 shows the impedance curves from Figure 3.7 in a Smith chart. 

In the matching process, the loci of the impedance transform are a series of concentric 

circles with a center of Cm located along the real axis of the Smith chart as determined 

by the value of Zm. For the impedance curves corresponding to the various values of 

gc, an appropriate location of Cm is likely within the area marked in Figure 3.9. The 

maximum bandwidth achievable is determined by the frequency range of the curve 
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the frequencies meeting the requirement must be located at the points of the “loop” of 

each impedance curve. Therefore, the impedance property should be optimized such 

that it forms a large loop in order to achieve a wideband impedance match. In Figure 

3.9, the loop becomes larger as the coupling gap, gc, decreases. Smaller gc values mean 

stronger edge capacitive coupling as mentioned earlier.  

 
Figure 3.9 Smith chart of the impedance of the monopole driven D-ring antenna 
with gc equal to 0.05 mm, 1 mm, and 2 mm, respectively, referenced to 50 Ω. In the 
figure, fL = 0.5 GHz and fH = 2.0 GHz. 

Therefore, the interdigital coupler, as shown in the inset of Figure 3.10 (or Figure 3.13 

without the meander line), is able to enhance the coupling where the middle and 

bottom strips of the rings are sandwiched by the strips of the coupler with the same 

spacing as gc. The two separate strips of the coupler are connected via the bonding 
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wires. The input impedance curve of the antenna driven by an interdigital monopole 

coupler in the Smith chart is also plotted in Figure 3.9. Compared with that of the 

antenna driven by the monopole, the loop of the impedance of the interdigital 

monopole driven antenna is obviously enlarged, so a considerable improvement of the 

bandwidth can be achieved as will be shown later. 

 
Figure 3.10 The mixed simulation model of the driven D-rings with a matching 
network. 

The impedance Zm and length Lm are optimized using a mixed full-wave and 

circuit simulation. Its configuration is shown in Figure 3.10, where the impedance of 

the monopole driven D-rings (with an embedded length of microstrip), i.e. ZL, is 

connected to the matching transmission line whose Zm and Lm are to be optimized for 

matching the input impedance of  Zin to 50 Ω over a wide bandwidth. Lm is the 

physical length of any TEM transmission line in a medium of εr = 1. The optimized 

value of Zm and Lm can be found by performing an extensive simulation. I begin with 

changing Zm while maintaining Lm at a constant value. As shown in Figure 3.11 (a), 

the impedance bandwidth increases as Zm varies from 70 Ω to 110 Ω, with Lm equal to 

32 mm. Next, I vary Lm while maintaining Zm. From Figure 3.11 (b), it is found that Lm 
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equal to 30 mm provides the widest impedance bandwidth when Lm varies from 10 

mm to 30 mm and Zm is equal to 110 Ω. Therefore, the optimum bandwidth of 1.1 

GHz – 1.75 GHz with S11 < -10 dB is found when Zm and Lm are equal to 110 Ω and 30 

mm, respectively. A similar procedure is also conducted for the monopole driven 

antenna and the optimum values of Zm and Lm are found to be 110 Ω and 35 mm, 

respectively.  

 

(a) 

 

(b) 
Figure 3.11 The simulated reflection coefficient of the interdigital coupler fed D-
ring antenna with embedded matching network: (a) Lm = 32 mm, Zm = 70 Ω, 90 Ω, and 
110 Ω; (b) Zm = 110 Ω, Lm = 10 mm, 20 mm, and 30 mm. 
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Comparing the results obtained for the above two cases as shown in Figure 3.12, we 

can observe that a bandwidth increase in excess of 300 MHz is achieved. In addition, 

the simulated impedance of the interdigital monopole-driven D-ring with the meander 

line in Smith chart format is shown in Figure 3.9. From the figure, we can clearly see 

that the impedance located on the “loop” is transformed to be around the center after 

applying the meander line. 

 
Figure 3.12 The reflection coefficient of the D-rings driven by the interdigital 
coupler compared with that of the monopole-coupler. 

 
Figure 3.13 The interdigital monopole-driven D-ring antenna with meander line. 
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3.3.3 Ground Effect 

Ground in ESAs, if smaller than λ/4, should be viewed as a part of a radiator. I 

investigate the ground effect of the antenna by observing the impact of ground on the 

return loss. To this end, I first increase the ground width from 24 mm to 40 mm while 

maintaining the length of 4.4 mm; then, I increase the ground length from 4.4 mm to 

70 mm while maintaining the width of 24 mm. The simulated results are shown in 

Figure 3.14. It is observed from the figure that the resonance at the frequency of 1.7 

GHz is only altered slightly; however, a notable change at 1.1 GHz occurs. The reason 

for this will be explained in the next section. 

 
Figure 3.14 The reflection coefficient with different ground size: (a) varied ground 
widths of 24 mm, 32 mm, and 40 mm, while maintaining the length of 4.4 mm; (b) 
varied ground lengths of 4.4 mm, 10 mm, and 70 mm, while maintaining the width of 
24 mm. 
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The copper is ~ 0.7 mil thick with a conductivity of 5.8×107 siemens/m. The bonding 

wire used in the interdigital monopole is gold wire with a diameter of 1 mil. All the 

parameters are defined in Figure 3.13 and their values are provided in Table 3.1. 

Figure 3.15 shows the fabricated antenna. As seen from the figure, the bonding wires 

are used to inter-connect the separated strips of the interdigital monopole.   

 
Figure 3.15 The fabricated interdigital monopole-driven D-ring ESA. 

Table 3.1 Parameters of the coupled D-rings driven by the interdigital monopole 
(unit: mm) 

g gc Ls Lx Lxa Ly Lg 
0.05 0.05 0.5 20.5 5.0 26 6.2 
Lya wa wm wp wr Wg  
0.6 0.4 1.96 0.4 1.0 25.0  

 

Comparison of the simulated and measured reflection coefficients S11 is shown in 

Figure 3.16. The measured result is in good agreement with the simulation one. The 

slight shift in the resonant frequency is likely due to fabrication errors and connector 
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impact. From the figure, it is found that the -10-dB impedance bandwidth spans from 

1 GHz to 1.7 GHz. 

 
Figure 3.16 The comparison of the simulated and measured reflection coefficient. 

It is noted from Figure 3.16 that the wide impedance bandwidth is attributable to the 
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mode operation can also explain the result observed in Figure 3.14. At the low 
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impact on their impedance. However, at the high frequency around 1.7 GHz, the 

impedance of the antenna under the D-ring mode only changes very slightly with the 

different ground size. This is because under the D-ring mode the ground is not a major 

source of radiation. Only small changes of the impedance of the antenna with the 

ground width are due to the effect of mirror current induced on the ground.  

 
Figure 3.17 The simulated radiation patterns of E-plane and H-plane at frequencies 
of 1.1 GHz, 1.3 GHz, 1.5 GHz, and 1.7 GHz. 

Radiation patterns, as shown in Figure 3.17, are typical “donut” shapes as we 

expected. This can be understood by examining the current distribution. Figure 3.18 
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GHz. It is noted, at 1.1 GHz (called “monopole mode”), the current on the monopole 

is inductively coupled with that on the CDR since they are flowing in the same 
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opposite direction. Despite operating at the different modes, the antenna is able to 

offer stable radiation patterns. This is because the far-field radiation is always 

attributable to an effective current located at the inner edge of the CDR; meanwhile, 

the currents on the top and bottom edge of the CDR have an approximately equal 

magnitude but are out of phase, therefore they are not able to produce strong radiation 

from such a subwavelength structure. As a result, the radiation patterns are maintained 

similar to that of the small dipole over the whole operational bandwidth. 

 
Figure 3.18 The simulated current distribution at the two resonant frequencies: (a) 
1.1 GHz; (b) 1.7 GHz. 

It is also observed from the figure that the gain of the antenna increases from -10 dBi 

to -2 dBi as the frequency increases from 1.1 GHz to 1.7 GHz, which corresponds to 

an increase in the antenna efficiency. The measured and simulated peak gains are 

shown in Figure 3.19, which are in a reasonable agreement.  

(a) (b)



 53 

 
Figure 3.19 The measured and simulated peak gain. 

It is well known for ESAs that a maximum product of efficiency and 

bandwidth is determined by the Chu limit. For the bandwidth of self-matched 

antennas, the maximum achievable efficiency can be obtained through the Chu limit 

[57]: 
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where B is the impedance bandwidth, η is the efficiency, VSWR is the voltage standing 

wave ratio, and a is the radius of a sphere enclosing the antenna. The radius, a, should 

be large enough to enclose the ground and embedded matching network because they 

have dimensions that are much less than the wavelength. The value of the radius, a, is 

calculated to be 20.58 mm and ka varies from 0.44 to 0.73 over the bandwidth. With 
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calculated, HFSS-predicted, and measured efficiency is shown in Figure 3.20. The 

simulated efficiency exceeds the Chu limit at some points because Eq. (3.5) is not 

rigorously accurate for an ESA with a wide bandwidth and a matching network [57]. 

The measured efficiency is obtained by comparing the measured peak gain of the 

antenna with that of a half-wavelength dipole due to their similar radiation patterns. 

The radiation efficiency is between 10% and 38% over the bandwidth of 1.0 GHz – 

1.7 GHz, and also approaches the Chu limit. As a comparison, this proposed antenna 

is more preferable in terms of the product of efficiency and bandwidth than some other 

metamaterial antennas (e.g., [44], [49], [58], and [59]). 

 
Figure 3.20 The comparison of the calculated, simulated, and measured antenna 
efficiency. 
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interdigital monopole to drive the D-ring based on electric coupling. In this process, 

the coupling between the driving monopole and the D-ring is investigated and 

exploited to optimize the impedance property of the antenna which allows the antenna 

to achieve a wide bandwidth after a compact meandering line is applied. Based on this 

matching method, a dual-mode operation of the antenna is formed. In one mode, the 

coupled D-ring driven by the interdigital monopole acts as a major radiator resonating 

at the frequency of 1.7 GHz. In another mode, the driving monopole becomes a major 

radiator, capable of resonating at a lower frequency of 1.2 GHz due to an embedded 

matching network comprised of the D-ring and meandering line. As a result, the 

antenna can achieve an impedance bandwidth of 1 – 1.7 GHz. The predicted efficiency 

of the antenna is close to the Chu limit within the bandwidth. Despite the relative low 

efficiency, the antenna is still likely to find many applications, e.g., short-range 

wideband communications.  
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Chapter 4 

OPTICALLY DRIVEN TIGHTLY COUPLED PHASED ANTENNA ARRAY 

4.1 Introduction to Tightly-Coupled-Array Antennas 

Tightly-coupled-array (TCA) antenna makes use of strong mutual coupling 

between elements, e.g., dipole, bowtie, and patch, to increase their operating 

bandwidth. Unlike other antenna arrays where mutual coupling is seen as a detrimental 

effect, TCA antennas cannot achieve wideband performance without such significant 

mutual coupling. To enhance mutual coupling, all of the elements in a TCA antenna 

can be connected or capacitively coupled. The Current Sheet [60] proposed by 

Wheeler in 1965 has been used as a classical model to study the performance of TCA 

antennas.  

Figure 4.1 shows an infinite planar current sheet with current density of J, 

which possesses infinite impedance bandwidth. Current sheet antennas (CSAs) radiate 

TEM-mode electromagnetic waves towards the broadside when the current across the 

aperture has a constant phase. Thus, the radiation impedance of a CSA radiating at the 

broadside, R0, is half of plane-wave impedance in free space, i.e. 188 Ω, due to the 

bidirectional radiation. When the current has a progressive phase, the radiation beam 

steers away from the broadside. In the two principal planes, i.e., the xoz and yoz plane 

in Figure 4.1, the radiation modes are the TE and TM with the impedance of R0cosθ 

and R0/cosθ, respectively [60]. Thus, the impedance of a CSA mainly varies with the 

beam direction and is independent of operating frequency. A conceptual CSA can be 

realized by connected-dipole arrays in which the adjacent dipoles are connected as 
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shown in Figure 4.2. The input impedance of connected-dipole arrays can be 

expressed as [17]: 
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Figure 4.1 Current Sheet with the current density of J. The progressive phase can 
steer the radiation beam to the direction of (θ, φ).  

in which dx and dy are spatial period in the x and y direction, η0 is free-space wave 

impedance, ws and t are the width and thickness of the dipoles, kxm and kym are the x 

and y component of the wave number of the m-th Floquet mode, k0 is the wave number 

in free space. It is noted that if the array is only operated at the fundamental mode, i.e. 

m = 0, the input impedance becomes consistent with that of an infinite current sheet 

when dx is equal to dy. In addition, similar to the CSA case, this impedance is only a 

function of the beam direction rather than the frequency, thus exhibiting an infinite 
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relative bandwidth. The approximation in Eq. (4.1) is valid for low frequencies since 

under small arguments the Bessel function and the sinc function tend to be one. 

Therefore, to satisfy this condition, the dipoles should be much smaller than the 

wavelength at the operational frequencies. Correspondingly, the length of the dipole is 

chosen as half a wavelength at the high end of an operating bandwidth to avoid the 

emergence of grating lobes, and thus at the low frequencies, the dipole becomes 

electrically small.  

 
Figure 4.2 Connected-dipole arrays are a realistic form of conceptual current sheet 
antennas. Each dipole is spaced in the period of dx and dy which are much smaller than 
the wavelength in its operational bandwidth. 

In many applications, a ground plane is desired by connected-dipole arrays to 

isolate the elementary antennas from spurious effects of a feed network. The loading 

effect of a ground plane periodically changes the input impedance of elementary 

antennas over a given frequency range. The circuit model of a CSA in free space is 

compared with that of the same CSA located above a ground plane in Figure 4.3. In 

the circuit model, the RF source drives two parallel transmission lines with 

characteristic impedance of 377 Ω. The transmission line terminated by the ground 

plane is shorted when the source is above the ground plane with a distance of half a 

wavelength. As a result, the bandwidth is restricted by the presence of a ground plane. 

dipole

source

dx
dy



 59 

 
Figure 4.3 The equivalent circuit of connected-dipole arrays: (a) without a ground 
plane and (b) with a ground plane. 

 
Figure 4.4 (a) Tightly coupled dipole arrays with a ground plane, (b) equivalent 
circuit. 
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cancel the inductance caused by the ground plane. In its equivalent circuit, jXA (XA < 

0) represents the mutual coupling capacitance which acts as a part of the impedance 

matching circuit. With this method, a bandwidth of 4.5:1 has been achieved [10]. In 

addition, a superstrate and a resistive FSS can be applied to further improve bandwidth 

up to 21:1 [13].  

The concept of CSAs have been developed into a variety of forms which are 

generally named as TCA antennas. Tremendous effort has been made to address 

efficient excitation of a TCA antenna in an ultra-wide bandwidth. In the next section, I 

revisit some of the most popular electrical feeding schemes and discuss technical 

difficulties in them.     

4.2 Electrical Excitation of TCA Antennas 

4.2.1 Balanced Feed 

A TCA is comprised of a large number of elementary antennas which usually 

have symmetric forms such as dipole and bowtie. When each elementary antenna is 

fed by symmetric transmission lines, the currents induced on two arms of a dipole are 

equal in magnitude and opposite in phase (called balanced feed). However, if fed by 

coaxial cables, the currents will become unbalanced, which results in impedance 

instability and high cross-polarization. Additionally, TCA antennas normally have a 

high input impedance difficult to match with their feeding transmission lines typically 

with a characteristic impedance of 50 Ω. To realize a balanced feed as well as an 

impedance match, a balanced-to-unbalanced transformer, i.e., balun, is used by each 

element. However, baluns can impose additional restrictions on the performance of a 

TCA, such as the bandwidth, operational frequency, weight and profile. 
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Assembled and integrated baluns have been studied to be used in electrical 

feeding for efficient excitation of a TCA. Wideband passive baluns typically have high 

insertion loss and are only available at sub-gigahertz frequencies. Active baluns are 

mainly unidirectional as well as incapable of handling high RF powers, hence not 

suitable for transmit applications. Figure 4.5 shows an electrical feeding using an 

external balun, which is capable of converting CPW to stripline and transforming 

impedance from 50 Ω to 200 Ω. However, this balun only operates at a frequency up 

to 600 MHz and has the insertion loss as high as 3 dB [61].  

 
Figure 4.5 (a) The electrical feed of a TCA implemented with an external balun, 
and (b) the result of VSWR , from [61],  2013 IEEE. 

Alternatively, integrated baluns can be applied to the electrical feeding of TCA 

antennas, offering distinct features such as compact dimension, low insertion loss, and 

high operational frequency. Integrated baluns are required to be simultaneously 

designed along with a TCA, which they are used to feed. However, a large fractional 

bandwidth still cannot be achieved due to many additional restrictions imposed by the 

baluns from the design and fabrication process. In Figure 4.6 [16], each dipole is fed 

(a) (b)
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by a ring hybrid serving as a balun. This antenna that is assisted by a superstrate load 

has an operational bandwidth of 8 − 12 GHz when VSWR < 2. Although relatively 

high operating frequencies are achieved, this antenna still suffers from a narrow 

bandwidth due to the use of the ring-hybrids.  

 
Figure 4.6 (a) The electrical feed of a TCA is implemented with a hybrid 
integrated balun, and (b) results of VSWR, from [16],  2013 IEEE. 

 
Figure 4.7 The wideband balun using microstrip-to-stripline transition with a 
tapered ground (a) and VSWR (b), from [62],  2009 IEEE. 

(a) (b)

(a) (b)



 63 

Figure 4.7 shows another UWB balun for which microstrips are transformed to 

striplines with a slowly tapered ground [62]. In this way, an operational bandwidth of 

several octaves can be achieved. However, this balun has to be bulked up as long as 

multiple wavelengths at the high end of a desired operational bandwidth. Therefore, it 

is not suitable for TCA antennas comprised of subwavelength elements to operate at 

high gigahertz frequencies.   

4.2.2 Unbalanced Feed 

Baluns are required to avoid spurious radiation of unbalanced feeding 

transmission lines that feed TCA antennas. In other words, the absence of baluns can 

result in anomalous responses. Figure 4.8 (a) shows current distribution when the 

connected-dipole array is fed by coaxial cables underneath a ground plane. From the 

figure, it is noted that the current excited on the two arms of dipoles is unbalanced. 

  
Figure 4.8 (a) An unbalanced feed (the arrow line represents excited current), (b) 
TE10-mode resonance caused by an unbalanced feed (the solid lines represent excited 
current, the dotted lines represent electric field).  

Ground

Ground

E
E

Dx

TE10 mode

(a)

(b)
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As seen in Figure 4.8 (b), two cavities are formed by the arms of the dipoles, 

the protruding feed lines, and the ground plane. The net current in the vertical 

direction can excite multiple cavity modes. The resonant frequency of TE10 mode 

resides in the desired operating bandwidth free of grating lobes. When the cavities 

resonate, the current excited on the feed lines becomes in phase, thereby producing 

strong spurious radiation that has a polarization normal to the ground plane. This 

situation is called common-mode resonance. The current and electric field of TE10 

mode are plotted in Figure 4.8 (b). For a planar two-dimensional TCA array, the 

fundamental common-mode resonant frequency can be estimated by [63]: 

 0
2 22
x y

cm

eff

cf
D Dε

≈
+

                                       (4.2) 

where Dx and Dy are the period in the x, y direction, and εeff is effective dielectric 

constant. Calculated from Eq. (4.2), the frequency fcm is nearly located at the middle of 

an operational bandwidth. Therefore, this anomaly frequency must be eliminated. To 

this end, metal pins are used to connect each dipole and the ground plane [63]. As a 

result, the common-mode resonance is relocated and will occur at a frequency about 

twice higher than the original resonant frequency. Using this method, a TCA allows to 

be directly driven by coaxial cables and has achieved an operational bandwidth of 7 − 

21 GHz [16]. 

4.2.3 Scan Blindness  

Scan blindness near 46o in the E plane is found in a regular dipole array due to 

the presence of vertical feeding transmission lines [64]. When the radiation beam is 

steered off the broadside, each vertical feed line radiates like a monopole. This 
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spurious radiation is called “monopole radiation” that tends to cancel out the desired 

radiation of the dipoles. This scan blindness occurs in the direction when the dipole 

radiation is canceled by the monopole radiation. To alleviate it, metal walls can be 

added in the H-plane to suppress the monopole radiation by isolating the feed lines.  

Likewise, TCA antennas need to address similar problems as well. To suppress 

spurious monopole radiations, feed organizers as shown in Figure 4.9 are used for 

shielding the feed lines of a TCA. Each feed organizer groups two pairs of coaxial 

cables through four holes to feed one elementary radiator of a dual-polarized TCA. 

However, the use of these feed organizers precludes planar fabrication and modularity 

of TCA antennas. In addition, tight mechanical tolerance of the fabrication restricts the 

feed organizers only suitable for low-frequency applications [16].   

 
Figure 4.9 Feed organizers for a dual-polarization CSA antenna, from [10],  
2007 IEEE. 

4.3 Optical Excitation of TCA Antennas 

4.3.1 Concept of Photodiode-Coupled Antennas 

In the proposed optical addressed phased array transmitter architecture, 

transmitting signals need to be transformed between the optical domain and electrical 
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domain, respectively, using EO modulators and photodiodes. RF signals generated 

from a relative low frequency source are upconverted into the multiple sidebands of an 

optical carrier signal. This modulated optical signal can be remotely imparted to 

photodiodes via optical fibers. Desired RF signals are recovered by photomixing at 

photodiodes, and are transmitted by antennas. In each frontend module of the 

transmitter, the photodiode is ideally directly integrated with the radiator. As such, 

each element of the transmitter is allowed to be driven via an optical fiber instead of a 

RF transmission line. The use of this optical feeding scheme into TCA antennas 

circumvents many challenges incurred by the electrical feeding schemes as discussed 

previously. This is due to the absence of feeding RF lines and baluns. The optical 

feeding scheme can eliminate the scan blindness while maintaining the operational 

bandwidth, light weight, and low profile aspects of TCA antennas. In addition, this 

optical feeding scheme is applicable to TCA antennas that operate up into the mm-

wave regime. 

To apply the optical feeding scheme to an optically addressed phased array, RF 

power amplifiers regularly used in conventional transmitters to meet radiation power 

requirements must be eliminated. Therefore, high-power and high-speed photodiodes 

become an essential component. Fortunately, tremendous progress has been made in 

the development of these photodiodes, in recent years. Figure 4.10 shows a chart that 

summarizes the performance of the photodiodes from the published literature for 

comparison. Various versions of modified unitraveling-carrier (MUTC) photodiodes 

[65], labeled as “MUTC4” and “MUTC5”, have demonstrated both higher speed and 

output power than the other designs. From the figure, MUTC4 photodiodes have 15-

GHz 3-dB bandwidth and 1-W saturation power, and MUTC5 photodiodes have 65-
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GHz 3-dB bandwidth and 38-mW saturation power. As a result, a TCA consisting of a 

great number of the elementary radiators that are integrated with these high-power 

photodiodes can transmit enormous RF power sufficient for various applications. 

 
Figure 4.10 A survey on status of development of high-power photodiodes. The 
output power of 1 W has been achieved by the MUTC4 photodiodes on diamond 
substrate with an operational bandwidth of 22 GHz. The output power of 38 mW has 
been achieved by the MUTC5 photodiodes with an operational bandwidth of 65 GHz. 
Figure courtesy of Prof. Joe Campbell, University of Virginia. 

4.3.2 Analysis of Photodiode-Coupled TCA Antennas 

4.3.2.1 Circuit Model  

As illustrated in Figure 4.11, the dipoles in a connected-dipole array are 

excited by the photodiodes that are spaced from each other by a distance of dx and dy 

along the x- and y-axis. Each photodiode serves as a source equivalent to an ideal 

current source Iph in parallel with a capacitance Cph. Iph is the photocurrent generated 
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by photomixing two optical signals with the frequency of ω1 and ω2, the power of P1 

and P2, and the phase of ϕ1 and ϕ2. Iph can be derived as: 

 ( ) ( )
1 22 RF RFj t

phI PP h e ω ϕω += ℜ                                  (4.3) 

where ωRF = ω1 - ω2 and ϕRF = ϕ1 - ϕ2 are the radian frequency and the phase of the RF 

photocurrent, ℜ is the responsivity of photodiode, h(ω) is the frequency response of 

the photodiode. The capacitance of Cph can be extracted by h(ω) as: 

 1 100ph phC Bπ≈                                                (4.4) 

in which Bph is the 3-dB corner frequency of h(ω) when the photodiode is loaded by a 

50-Ω resistor.  

 
Figure 4.11 A photodiode-coupled TCA representation comprising of connected 
dipoles each of which is driven by a photodiode. A photodiode can be simply 
equivalent to a current source in parallel with a capacitance. 

In a photodiode-coupled TCA, each radiating element acts as a dynamic load 

of photodiodes and therefore imposes direct impact on the performance of a TCA. To 

expedite the analysis, an infinite × infinite two-dimensional array, with uniform 

amplitude and phase excitation, is considered. Under this condition, a unit cell is 

sufficient to represent an entire periodic array that can approximate a large-scale array. 

y

x dx

dy

≈ Iph Cph
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The top view of a unit cell is shown in Figure 4.12 (a) where periodic boundary 

conditions (PBC) truncate its four side walls, and absorbing boundary conditions 

(ABC) terminate the left and right wall of the air box, as shown in Figure 4.12 (b). 

Lumped and current ports provided by HFSS will be utilized in subsequent analyses. 

The use of lumped port in simulations can offer the active input impedance and 

admittance of driving antennas. Lumped port impedance is not allowed to be set too 

high for mimicking current sources. In contrast, a current port is similar to a current 

source that has infinite impedance. The effect of port impedance on the active input 

impedance of a TCA is first investigated. 

 
Figure 4.12 The simulation configuration of an infinite connected dipole array. The 
parameters are chosen as w1 = 1.4mm, w2 = 2.5mm, L0 = 1.05mm, L1=1mm, L2 =1mm, 
g = 1.04mm. ABC is located at least a quarter-wavelength of the lowest simulation 
frequency. (a) Topview, and (b) sideview. 

It is expected that the active input impedance is not susceptible to the source 

impedance. In the simulation, the TCA is driven by a current port (with infinite 

impedance) as well as a lumped port with various port impedances of 50 Ω, 200 Ω, 

500 Ω, and 1 KΩ, respectively. The active input resistance Rin of a TCA excited by 

current sources can be obtained by: 
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 22 r ginR P I= ,                                             (4.5) 

in which Ig is the amplitude of source current and Pr is the radiation power from the 

antenna.  

 
Figure 4.13 Simulated impedances of the connected dipole array fed by a lumped 
port with various port impedances (50 Ω, 200 Ω, 500 Ω, and 1 KΩ), and a current port 
with infinite impedance. (a) Resistance, and (b) reactance. 

As shown in Figure 4.13 (a), the simulated active resistance does not vary 

appreciably as the port impedance. The resistance obtained from the lumped-port 

excitation only slightly decreases from 188 Ω to 170 Ω as the frequency increases. In 

comparison, the resistance obtained from the current source excitation has a nearly 

constant value of 188 Ω. Figure 4.13 (b) shows the capacitive reactance that can be 

extracted from the simulation. The equivalent circuit as shown in Figure 4.14 is 

sufficient to represent the TCA over an ultra-wide bandwidth, It is comprised of a 
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resistance RTCA in parallel with a capacitance CTCA, both nearly independent of the 

operating frequency and source impedance. 

 
Figure 4.14 Wideband equivalent circuit model of the TCA in Figure 4.12. 

 
Figure 4.15 The impedance of a TCA reduces by N times when the SR ratio of the 
E-plane to the H-plane increases by N times. dx and dy are the spatial periodicities of 
the excitation sources along the x and y axis, respectively. 

In addition, the active impedances of TCA antennas depend on the spatial 

sampling rate (SR) of their excitations. Here, a SR is defined as the number of driving 

sources per wavelength at the high end of an operating bandwidth. Eq. (4.1) clearly 

shows that the active impedance has nearly constant real values when the SR > 2. The 

resistance is inversely proportional to the ratio of the SR in the E-plane (xoz) to that in 

the H-plane (yoz). For example, as shown in Figure 4.15, when the SR in the E-plane 
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increases by N times while it remains unchanged in the H-plane, the active impedance 

will decrease by N times. As a result, a high ratio of the SR in the E-plane to the H-

plane can reduce the input impedance, which helps an impedance match for 

electrically fed TCA antennas or increases the operational bandwidth of optically fed 

TCA antennas as will be discussed later. In the following analysis, the SR only refers 

the sample rate in the E-plane, since the SR in the H-plane has a fixed value of two. 

 
Figure 4.16 Simulated input impedances versus SR. The SR in the E-plane is 2, 8/3, 
4, and 8 while the SR of 2 maintains in the H-plane. (a) Resistance, and (b) reactance. 

To study the impact of the SR on the antenna characteristics, the simulation 

model in Figure 4.12 is still applicable, except that all the dimensions along the x axis 

need to be scaled for various SR values. The dimensions along the x-axis are 

decreased by the factors of 4/3, 2, and 4. In other words, the spatial periodicity is 3λ/8, 

λ/4, and λ/8, or the SR is 8/3, 4, and 8. The simulated active impedance is shown in 

Figure 4.16. It is observed that the active impedance varies with SR, i.e., active 
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resistance decreases as SR increases, and active reactance transits from capacitive 

values to inductive values as SR increases. Therefore, a general equivalent circuit of 

photodiode-coupled TCA antennas has two forms contingent on different SRs. As 

shown in Figure 4.17, a TCA can be equivalently represented by a parallel RC circuit 

at a low SR, while represented by a series RL circuit at a high SR. 

 
Figure 4.17 The equivalent circuit models of a photodiode-coupled TCA. (a) TCA 
antennas with a low SR, (b) TCA antennas with a high SR. Neither of them takes into 
account the losses from the photodiode and antenna. 

4.3.2.2 Performance of Photodiode-Coupled TCA Antennas 

The performance of a photodiode-coupled TCA can be evaluated in terms of 

bandwidth, power efficiency, and radiation gain. Analyses will be conducted based on 

a low-SR model applicable to the situation faced in Chapter 6. Similar analyses can 

also be conducted based on a high-SR model, which thus will not be repeated here. 

Figure 4.18 shows the schematic of a photodiode-coupled antenna with bias 

circuitry. The voltage of Vbias provides reversed voltage bias through an inductor 

serving as an RF choke. A two-tone optical signal with the frequency of ω1 and ω2, 

and the phase of ϕ1 and ϕ2, is incident into a photodiode. The current Iph, generated by 

photomixing, can drive an antenna to radiate RF power. Based on the circuit model as 

shown in Figure 4.17 (a), the radiation power Pr from an antenna can be expressed as: 
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Figure 4.18 The circuit representation of a photodiode-coupled antenna includes the 
bias circuit. A two-tone optical signal is incident on a photodiode producing a RF 
signal of IRF. 
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 .                                  (4.6) 

The operational bandwidth (BW) is defined as the frequency fc at which Pr is rolled off 

by 3 dB from its maximum. From Eq. (4.6), the frequency of fc is expressed as: 
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= =
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 .                              (4.7) 

The radiation power in the BW is approximated as:  

 2
maxr TCAphP I R= .                                              (4.8) 

It is a trade-off between Pr and BW, i.e., higher impedance increases radiation power 

but decreases BW. Additionally, BW is inversely proportional to total capacitance 

exhibited for the photodiode. The ratio of BW-Pr product over the square of 

photocurrent is a fair figure of merit to evaluate photodiode-coupled TCAs, which can 

be written as: 

VRF

Popt
AntennaIDC

IRF

Vbias

vPopt (ω1,ϕ1)

(1-v)Popt (ω2,ϕ2)
RF Choke

Photodiode



 75 

 
( )

max
2

1
2

r

ph ph TCA

BW P
I C Cπ
⋅

=
+

.                               (4.9) 

This value is mainly determined by the total capacitance of the photodiode and  TCA.  

Power efficiency is another important parameter for evaluating photodiode-

coupled TCA antennas. The power efficiency η is defined by a ratio of the radiation 

power to total power consumption consisting of the optical power Popt coupled into a 

photodiode and dissipation power Pdc in the photodiode. η can be expressed as: 

 r

opt dc

P
P P

η =
+

,                                             (4.10) 

in which Pdc can be calculated as multiplying the bias voltage by the photocurrent. To 

calculate Pr, assume a two-tone optical signal consisting of the frequency of ω1 and 

ω2, and the power of vPopt and (1-v)Popt, respectively for each tone, is incident into the 

photodiode as shown in Figure 4.18. From Eq. (4.3) and Eq. (4.6), and h(ω) ≈ 1, the 

radiation power can be expressed as: 
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.                            (4.11) 

The maximum radiation power can be achieved when the two tones have an equal 

power, i.e., v = 0.5. In addition, to ensure a linear operation, the photodiode must have 

a bias voltage larger than Vbias, min: 

 ,min 2 TCAbias phV I R≈ .                                     (4.12) 

Under this condition, the power dissipated in the photodiode can be estimated as: 

 2 optDC TCAphP P I R≈ ℜ .                                   (4.13) 



 76 

Substituting Eq. (4.11) - Eq. (4.13) into Eq. (4.10), the efficiency is obtained as: 
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From Eq. (4.14), we can observe that η increases as Popt, ℜ , and RTCA. If ℜ  ≈ 1, h(ω) 

≈ 1, and Popt RTCA >> 1, η approaches the maximum value of 0.5, which is the 

theoretical limit of efficiency of a photodiode-coupled TCA. Moreover, the gain of a 

TCA under a uniform excitation can be estimated as: 

 2

4
TCA

AG π
λ

≈  ,                                              (4.15) 

in which A is the physical area of a TCA aperture and λ is the operational wavelength. 

4.3.3 Design of Photodiode-Coupled TCA Antennas 

4.3.3.1 Radiation Bandwidth 

Some useful techniques to improve bandwidth of photodiode-coupled TCAs 

will be studied in this section. According to Eq. (4.7), the bandwidth is determined by 

RTCA(Cph+CTCA). The smaller capacitance of Cph can offer a lager bandwidth. On the 

other hand, the capacitance CTCA, if much larger than Cph, can become dominant in 

determining the bandwidth. The parametric study is performed to obtain the optimized 

design as shown in Figure 4.12 with the minimized capacitance of CTCA. In this design, 

CTCA is only about 0.02 pF, thereby not serving as a crucial factor in determining the 

bandwidth. In fact, the parasitic capacitances produced in the process of integrating 

photodiodes with a TCA are dominant terms in the total capacitance.  



 77 

Moreover, high resistance of RTCA can restrict the bandwidth of a TCA as well. 

To mitigate this restriction, SR can be increased to reduce RTCA. As shown in Figure 

4.16, RTCA decreases in a similar rate as SR increases. Increasing SR offers another 

benefit in that it can simultaneously reduce CTCA. It is worth pointing out that SR does 

not change the radiation power density when the optical power incident into a TCA is 

provided. This is because when SR increases, the number of elementary antennas of a 

TCA increases correspondingly. Nevertheless, the radiation power of each antenna 

decreases as the radiation resistance of the TCA when SR increases. As a result, the 

total radiation power is determined by the physical aperture size of a TCA and the 

optical power incident into the photodiodes. As illustrated in Figure 4.19, no matter 

SR is two or four, the TCA has a radiation power density of S:  

 rS P dxdy=                                                  (4.16) 

 
Figure 4.19 The radiation power density of a TCA when the SR is equal to 2 and 4. 

where Pr is given by Eq. (4.8). The use of higher SR can offer a larger bandwidth 

while maintaining the density of radiation power. Increasing SR also raises the cost 

and power consumption of a photodiode-coupled TCA.  

dx

dy

dx/2

dy

Pr

Pr/2

SR=2

SR=4



 78 

Another method to increase bandwidth without changing SR is to intentionally 

introduce little ohmic (thermal) loss into each radiator of a TCA. Thermal loss can be 

added by using external chip resistors in parallel with photodiodes. The simulation 

model is shown in Figure 4.20. In the figure, the external resistor with resistance of 

Rext is above the source port (light blue) and across the two arms of the dipole. The 

equivalent resistance of Rloss is added to modify the equivalent circuit in Figure 4.14. 

Rloss represents the thermal loss due to the power dissipation in the external resistor. 

We should be aware that Rloss is not necessarily equal to Rext, and these two resistances 

can be related with a first-order approximation:  

 
Figure 4.20 (a) The HFSS simulation model of a TCA with an external resistor 
(top) and the driving port (bottom) and (b) the equivalent circuit. The dimensions of 
this model are given in Figure 4.12. 

 extlossR Rα≈ ,                                               (4.17) 

in which the coefficient of α is constant and can be extracted from the full-wave 

simulation result in Figure 4.21 (a). It turns out that α is about 0.73. Thus, the input 

resistance of the TCA is: 
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To approve the accuracy of this relation, the radiation power is respectively calculated 

by a full-wave simulation and circuit analysis. Figure 4.21 (a) offers the values of Rloss 

that corresponds to the value of Rext from 50 Ω to 500 Ω. Figure 4.21 (b) demonstrates 

the results from the both methods are in a good agreement. Insertion loss (IL) caused 

by the additive external resistance can be estimated from RTCA and Rloss as: 

 10 log 1 TCA

loss

RIL
R

 
= − + 

 
 .                                  (4.19) 

A low IL is desired such that the efficiency is not significantly compromised.  

 
Figure 4.21 (a) Input resistance and (b) radiation power versus the applied external 
resistance calculated from the full-wave simulation and equivalent circuit model. 

In addition, the bandwidth of a photodiode-coupled TCA can be increased by 

inductive peaking. For example, in a low-SR model (SR < 4), a TCA can be 

approximated by an RC circuit. The inductive peaking can effectively boost the 
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bandwidth without increasing the number of photodiodes and insertion loss of a TCA 

antenna, as detailed in the next section. However, there is a bandwidth limit governed 

by the Bode theory [66]. Photodiode-coupled TCA antennas with high-order peaking 

circuitry usually are too complicated to practically implement. Therefore, the first and 

second-order peaking circuits are normally employed.   

4.3.3.2 Photodiode Biasing Network 

A photodiode-coupled TCA antenna needs many bias lines for all the 

photodiodes. Ideally, only DC current is allowed to flow on these bias lines and zero 

RF current. In reality, since each radiator is electrically small, bias lines impose 

loading effect on each radiator of a TCA. Therefore, the bias line must be analyzed 

together with the other parts of a TCA. I found a kind of radiation blindness due to 

bias networks, which differs with the scan blindness as discussed in Section 4.2.3. 

Such radiation blindness should be eliminated from the desired operational 

bandwidth. To this end, two rules are useful in designing the bias lines, in order to 

achieve minimizing electromagnetic coupling between the bias lines and primary 

radiators in addition to relocating anomalous frequencies. First, the contact of bias 

lines with each radiator should be placed where the RF current is weak. As the second 

rule, the bias lines within a unit cell should be shorter than half a wavelength at the 

high end of an operational bandwidth: 

 min

12
2
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r

L λ
ε
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+

,                                                  (4.20) 
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in which Lb is the length of a bias line, λmin is the wavelength at the high end of an 

operational bandwidth, and εr is the effective dielectric constant. The above rules are 

applied to the example in Section 4.3.4. 

4.3.3.3 Concerns in Integration Process 

A photodiode-coupled TCA requires the photodiodes to be integrated with its 

elementary antennas and feeding optical fibers. An integration process introduces 

parasitic reactance leading to the reduction of an ideal operational bandwidth. Several 

sources of parasitic reactance are identified as follows. When a photodiode is attached 

to a TCA antenna, the height mismatch between the substrate of antenna and 

photodiode can produce parasitic capacitance. In addition, flip-chip or wire bonding, if 

applicable, can produce parasitic inductance. The dielectric components, e.g., optical 

fiber ferrules, can produce parasitic reactance as well. Hence, the impact of an 

integration process must be accounted in a full-wave modeling in order to obtain 

precise simulation results. 

4.3.4 A Design Example: 12-GHz-Bandwidth TCA (Connected-Dipole) Antenna  

4.3.4.1 Infinite TCA Antenna 

As shown in Figure 4.22 (a), the connected-dipole array is designed on a 20-

mil Rogers 4350 substrate with dielectric constant εr of 3.66. The photodiode in the 

simulation is modeled according to Albis PDCS24L with 20-GHz bandwidth [67]. 

This photodiode is made of 4-mil InGaAs/InP substrate with εr of 12.9, and is flip-

chip bonded on a 4-mil ceramic substrate with εr of 9.8 as a submount. The simulation 

model consists of dipole, photodiode, flip-chip and wire bonding, and ceramic 

submount. The input impedance is expected to be about 188 Ω since SR = 2, in a good 
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agreement with the simulation as shown in Figure 4.22 (b). In addition, to investigate 

the integration impact, the simulation result is compared with the calculated result 

based on the ideal circuit model in Figure 4.14. The operational bandwidth can be 

indicated by the input resistance when the photodiode is excited by a current source. 

As illustrated by the simulation result in Figure 4.22, the integration process can cause 

the bandwidth reduction by about 2 GHz. 

 
Figure 4.22 (a) The HFSS model of a photodiode-coupled TCA. (b) Simulated 
frequency responses of the input resistance and ideal frequency response without the 
integration effect.  

The bandwidth can be improved by applying an inductive peaking. To do this, 

a spiral inductor and an interdigital capacitor are added to the prior model as shown in 

Figure 4.23 (a), and the equivalent circuit that takes into account the peaking and 

integration effect, as shown in Figure 4.23 (c). The equivalent circuit can be 

understood as follows. When the series resistance of Rs (a few ohms) and parallel 

resistance of RI (~1 GΩ) is ignored, the photodiode is approximated by a current 
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and bonding pads CPad. Additionally, short tapered CPW transmission lines on the 

submount are modeled as two cascaded LC ladder circuits. The TCA is modeled as a 

parallel RC circuit. Moreover, Lp is the inductance of the spiral inductor that is used 

for inductive peaking, and Cp is the capacitance of the interdigital capacitor used for 

tuning the peaking frequency. The precise realization of Cp and Lp is accomplished by 

performing extensive parametric studies. As shown in Figure 4.23 (b), the TCA with 

the inductive peaking circuitry achieves an operational frequency from DC to 8 GHz 

below which there is a ripple of 2.55 dB. Thus, this bandwidth is about two times 

larger than that without the inductive peaking. 

 
Figure 4.23 (a) HFSS simulation model (b) simulated frequency response of the 
input resistance before and after inductive peaking (c) equivalent circuit of a TCA 
integrated with photodiodes with an inductive-peaking circuit. 

Alternatively, a larger operational bandwidth can be achieved at the cost of 

radiation efficiency. To introduce additional losses, high-frequency 221-Ω chip 
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resistors as shown in Figure 4.24 (a) are placed across the two arms of each dipole. Its 

HFSS simulation model includes the bias lines and integration components (e.g., 

ferrules and spacers) as well as the chip resistor.  

 
Figure 4.24 (a) HFSS model of the photodiode-coupled TCA incorporating of bias  
lines and integration components (ferrules and spacers) and (b) illustration of the 
coupling effect of the bias lines which could cause the radiation blindness. 

To investigate the impact of the bias lines, the input impedance of this TCA with the 

bias lines as shown in Figure 4.25 is compared with the same model without the bias 

lines as shown in Figure 4.26. From the comparison, the radiation blindness is noticed 

to occur at the frequency of about 13 GHz due to the presence of the bias lines. This 

anomalous frequency can be understood as follows. As illustrated in Figure 4.24 (b), 

the bias lines at both sides of the dipole can be viewed as a transmission line since the 

RF currents on them are approximately out of the phase. When the length of the bias 

lines is quarter wavelength, the input impedance exhibited at the contact of the bias 

lines with the dipole is approaching zero, i.e., the radiation resistance is shorted. 
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Figure 4.25 Input impedance of the TCA when bias lines are not included: (a) 
resistance and (b) reactance. 

 
Figure 4.26 Input impedance of the TCA when the bias lines are present: (a) 
resistance and (b) reactance. The radiation blindness occurs at about 13 GHz due to 
the bias lines.  

At the frequency less than 12 GHz, the bias line seems to impose slight impact on the 

input impedance, which exhibits multiple common properties as follows. The input 

resistance slightly varies between 80 Ω and 100 Ω, while the input reactance is about 

zero. Additionally, when the radiation beam is steered off the broadside, the input 
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impedance varies in the range of ±20 Ω. Since the low cut-off frequency does not 

exist, the TCA is assumed to possess an infinite bandwidth and operates up to 12 GHz. 

4.3.4.2 Finite × Infinite TCA Antenna 

Four active elements embedded in an 8 × 8 finite array are used for a system 

prototype demonstration in Chapter 6. This finite TCA antenna needs to be analyzed 

for the estimation of its performance. The complete HFSS model of this finite array 

requires an extremely large computer memory, which currently is not affordable. To 

investigate edge-truncation effect, this array in the E-plane as shown in Figure 4.27 (a) 

is studied. In the simulation model, the top and bottom sides are truncated by PBC 

boundaries to emulate the infinite dimension in the H-plane, while ABC boundaries 

terminate the left and right sides of the air box. The active elements are labeled in the 

figure. Each of the dummy elements are loaded by a 50-Ω chip resistor to minimize 

the current reflection due to the truncated array.  

Figure 4.27 (b) shows the simulated active impedance of each active element. 

It is observed from the figure that the impedances of #2 and #3 antenna have a larger 

variation than those of #1 and #4 antenna. This is due to the resistor loaded on each 

dummy element that can partially absorb the stored energy of its adjacent active 

element. The active resistance implies the radiation power of each element provided 

an incident optical power into the photodiode when its active reactance is ignorable. 

Hence, the radiation power is quite uniform over the frequency from 3 to 9 GHz. 
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(a) 

 

 

(b) 
Figure 4.27 (a) HFSS model of 4 × infinite TCA and (b) active impedances of four 
elements labeled in (a). The capacitance of photodiode and the impedance of TCA are 
accounted in the active impedances in (b). 

4.4 Summary 

Many popular electrical feeding techniques used to drive a TCA antenna are 

introduced in the survey, showing that the performance of TCA antennas is primarily 

restricted by various electrical feeding schemes. For example, the baluns used for the  

suppression of the common-mode resonances and impedance matching can degrade 

the operational bandwidth, increase the profile, and narrow the beam steering volume. 

To address these challenges as well as accommodate the optically enabled phased 
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array transmitter architecture presented in Chapter 1, an optical feeding scheme is 

proposed, for which incident light is coupled into the photodiodes that are directly 

integrated with each elements of a TCA antenna. The optical feeding scheme is 

superior to the electrical feeding particularly for dense antenna arrays such as a TCA 

antenna in that the operational bandwidth and low profile can be preserved. Moreover, 

the performance metrics of a photodiode-coupled TCA, including operational 

bandwidth, power efficiency, and radiation gain, are described. The main factors that 

restrict the operational bandwidth is identified and then multiple methods are studied 

to mitigate them. Lastly, as an example, a 12-GHz connected-dipole array is designed 

and simulated, which will be further developed in Chapter 6.  
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Chapter 5 

ULTRA-WIDEBAND FEED NETWORK FOR OPTICALLY ADDRESSED 
PHASED ANTENNA ARRAY  

5.1 Introduction to Optical Feed Network 

Feed network as an essential part of a phased array is to impart signals to the 

frontend antennas and to control the phase of signals in each channel. Feed networks 

can be characterized by the metrics, such as operational/instantaneous bandwidth, 

insertion loss, and weight. Phase shifters are a component used in a phased array to 

adjust the phase of transmitting/receiving signals for radiation beam steering. In an 

electrically addressed phased array, the bandwidth and insertion loss of a feed network 

normally can degrade and restrict the performance of a phased array particularly at 

high gigahertz frequencies. In comparison, an optical feed network that is comprised 

of optical components can possess an operational bandwidth exceeding the entire RF 

spectrum. For example, 200 GHz represents a fractional bandwidth of only 0.1% for a 

200-THz optical carrier. In addition, optical fibers have much lower insertion losses 

compared with RF coaxial cables or waveguides. Low-speed electro-optic (EO) phase 

modulators that act as phase shifters do not restrict the operational bandwidth of a 

phased array. Moreover, large-scaled phased arrays require true-time delay (TTD) 

lines to overcome emerging frequency squint effect. Optical TTD lines can achieve 

large delay times with more compact size, smaller dispersion, and lower insertion loss.  

A novel optical feed network is proposed to accommodate the optically 

addressed phased array transmitter architecture (as described in Chapter 1) that 
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distributes two coherent optical signals with a frequency offset via optical fibers to 

generate a RF LO signal in the photodiodes. Before turning to the feed network, this 

chapter will start with a brief description of an ultra-wideband tunable photonic RF 

source.  

 
Figure 5.1 Schematic illustration of photonic tunable RF signal generator, 
reprinted by permission from Macmillan Publisher Ltd: Nature Photonics [3],  2013.  

5.2 UWB Tunable Photonic RF Source 

A signal generator suitable for the proposed optically addressed phased array 

transmitter has been described in Ref. [3]. As shown in Figure 5.1, it uses a pair of 

semiconductor lasers, injection locked to render them coherent while offset from each 

other by a precisely controlled frequency that can be tuned over a range of > 100 GHz. 

One laser is injected with a comb of sidebands obtained by modulation of the other 

laser with a low-noise, low-frequency reference signal that has been distorted to yield 

a broad comb of harmonics; frequency tuning is enabled by a combination of coarse 
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thermal tuning to select which of the harmonics in the comb will be used for locking, 

and fine tuning by adjusting the reference oscillator. Spectrally pure output RF carriers 

are generated by mixing at a high-speed photodiode; advanced photodiodes have been 

demonstrated to have a bandwidth exceeding 100 GHz, and can produce significant 

output power at up to 500 GHz [3]. Data can be encoded to the optical output carrier 

by modulating either of the lasers before photomixing at photodiodes, since the data 

modulation carries through the down-conversion process. 

 
Figure 5.2 A simple scheme of optical feed network. 

To apply it into a phased array, the generated coherent optical signals, ω1 and 

ω2 in the schematic, are required to distribute towards each antenna. To this end, a 

simple scheme is as shown in Figure 5.2, in which each tone is split into N channels 

with two 1-to-N beam splitters, one set of wavelength channels (tone of ω1) is phase 

modulated with N electro-optic phase modulators, and then combined with the other 

set of optical signals (tone of ω2) to form a N-channel optical feed network. The beam 
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splitting, phasing, and recombining can be achieved through typical optical 

components. However, this approach will impose some technical difficulties in the 

practical implementation. Due to thermal and mechanical stresses (e.g. acoustic wave) 

in each channel, relative phase between the two channels drifts over time with a rate as 

high as kilo-degrees per second, which results in the failure of performing beam 

steering. A novel optical feed network scheme is proposed to mitigate this time-

varying phase fluctuation. 

5.3 Novel Optical Phased Feed Network 

5.3.1 Operating Principle 

Figure 1.1 shows the proposed optical feed network scheme in which signal 

distribution is via interleaving optical fibers [68], [69]. In this scheme, two coherent 

optical sources, labeled as ω1 and ω2, are combined with a polarization combiner into 

the fast and slow axes (i.e., orthogonal in polarization) of a polarization maintained 

(PM) fiber. The signal is amplified simultaneously with a polarization independent 

power amplifier, split into N channels with beam splitters, and conveyed to 

photodiodes for generating RF signals.  

The phase drift of optical signals can be mitigated due to two following 

reasons. First, the phase fluctuation that occurs before the polarization combiner will 

be equally distributed to each channel. The produced RF signal in each channel after 

photomixing has an identical phase noise. Hence, the beam steering will be 

independent of this phase fluctuation. Second, due to the co-propagation of both 

optical signals in the same fiber after the polarization combiner, they will experience 

the same phase fluctuation caused by ambient acoustic vibration of fibers. As a result, 
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the phase variation of the two optical signals in the same fiber will be canceled at the 

photodiode.  

In addition, the phase control in this scheme is realized by using EO phase 

modulators. Particularly, z-cut LiNbO3 modulators are employed, in which the TM 

mode (electric field is aligned in the z direction) is phase modulated and the TE mode 

has a less modulation due to the odd distribution of electric field relative to the optical 

mode. After the phase modulation, both signals are projected to the fast and slow axes 

of the fiber by applying a 45o rotational key. The two sets of orthogonal signals are 

then filtered by a linear polarizer before mixing in a photodiode. 

5.3.2 Analysis of the Optical Feed Network 

To analyze the performance, one channel, i.e., i-th channel, is considered 

without loss of generality. This single channel is redrawn in Figure 5.3. Two coherent 

sources with the frequency of ω1 and ω2 are combined with a polarization combiner 

into the fast and slow axes of a PM fiber, respectively. As a result, the combined 

optical signals at the point P1 can be expressed as: 

 ( ) ( )1 1 2 2
1 垐 j t t j t t

y xyE e xE eω ϕ ω ϕ+ +      = +E                            (5.1) 

in which Ex and Ey are the magnitudes of electric fields in x- and y-directions that 

correspond to the slow and fast axes of the PM fiber. ϕ1(t) and ϕ2(t) are random phase 

fluctuations that mechanical and thermal stresses induce. After a polarization 

combiner, the two orthogonal polarized signals are fed into an EO phase modulator for 

the phase tuning. Specifically, the slow and fast axes of the phase modulator are 

respectively aligned with the electric field of the TM and TE modes in the LiNbO3 

substrate [70], as shown in the inset of Figure 1.1. The voltage that is applied across 
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the coplanar electrodes, the electro-optic modulation occurs in both polarized optical 

modes, with EO coefficients of r33 and r14, respectively. However, since r33 = 3r14, a 

net phase difference can be imparted between the two optical modes. The signal at the 

point P2 is given as: 

 
( ) ( )1 1 2 2 3

2 垐
i iV Vj t t j t t

V V
y xyE e xE eπ π

π π
ω ϕ ω ϕ

   
+ + + +   

   = +E ,                   (5.2) 

in which Vi is the voltage applied to the modulator of the i-th channel, and Vπ is the 

half-wave voltage that produces a phase shift of π.  

 
Figure 5.3 One channel of the proposed optical feed network scheme. PC: 
polarization combiner, PM: EO phase modulator, RT: 45o rotational key, LP: linear 
polarizer, PD: photodiode. 

After the phase modulation, both signals are projected onto the fast and slow 

axes by applying a 45o rotational key. The rotational key can be realized by 

intentionally applying 45o offset in the alignment of optical axes between an input and 

an output PM fiber. Two sets of orthogonal signals are then filtered by a linear 

polarizer to ensure that they will interfere, before being delivered to photodiodes 

through a single-mode optical fiber. Taking into account 3-dB loss in a linear 

polarizer, the electric field at the point P3 can be written as: 
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( ) ( )1 1 2 2 3

3
2

2

i iV Vj t t j t t
V V

y xE E e E eπ π

π π
ω ϕ ω ϕ

   
+ + + +   

   
 
 = +
  

.                 (5.3) 

Finally, this optical signal is fed to photodiodes where RF photocurrents are produced. 

The RF photocurrent can be expressed as: 

 

( ) ( )
2 2

1 2
4 4 1 2 0

2cos  ,
2 3
x y i

rf rf i

E E VI E E t t t n L
V cπ

π ω ωω ϕ ϕ∗ ℜ  −
∝ ℜ = + − + + 

   

(5.4) 

in which ℜ  is the responsivity of the photodiode, ωrf = ω1 - ω2 is the angular 

frequency of the generated RF photocurrent, c is light velocity, n0 and Li is the index 

and length of the single-mode (SM) fibers in i-th channel. 

The length of the PM fibers and their relative index change will not alter the 

phase of RF signals. If the SM fiber with a length of Li of each channel is accounted, 

an additional phase term of RF signals can be identified from in Eq. (5.4): 

 1 2
0fb in L

c
ω ωϕ −

= .                                             (5.5) 

Since the SM fibers are individually fed to each photodiode, they may experience 

different index change due to ambient temperature variation. The index fluctuation 

due to temperature variation can be empirically derived to be [71]: 

 ( ) 510n n T T Tδ δ−∆ = ∂ ∂ ≈                                       (5.6) 

For a given 10-meter optical fiber, the phase fluctuation, shown in the third term in 

Eq. (5.6), is on an order of 6 mrad if δT = 0.1 K. Such a small phase variation ensures 

reliable optical phasing in the phased array. To minimize the temperature difference 
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between fiber arrays during signal delivery, the optical fibers can be grouped together 

in system implementation. 

In addition, a typical phase modulator has a Vπ of 4.5 V. For a voltage swing of 

±10 V provided by the electronic controller, a maximum of 600o phase shift can be 

achieved to demonstrate beam-scanning capability. A progressive phase change, ∆ϕ, 

along adjacent antenna radiating elements, will lead to a RF beam with a steering 

angle determined by 

 2sin
3rf

Vk d
Vπ

πϕ θ ∆
∆ = = ,                                        (5.7) 

in which d is the antenna element spacing, krf is the RF wave vector, and θ is the beam 

pointing direction.  

5.4 Excess Noise  

Several optical components in the proposed scheme are polarization sensitive 

devices, such as polarization combiners, EO phase modulators, and linear polarizer. 

Practically, the state of polarization (SoP) of input optical signals carried in PM fibers 

is not perfectly aligned with the axes of these optical devices. As an example, the 

orthogonally polarized two-tone optical signal incident into the phase modulator can 

have misalignment angles. In addition, the output signals of a polarization combiner 

are not exactly orthogonally polarized either. The similar issues can lead to excess 

noises, responsible for power variation in the time domain and spurious beams in the 

frequency domain. In order to analyze these noises, I first modify the model of the 

single channel shown in Figure 5.3 by introducing misalignment angles. As shown in 

Figure 5.4, the x- (TM-mode) and y-axis (TE-mode) are aligned respectively with the 
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electric field, E1 and E2, of the incident light into the EO modulator. E1 and E2 may 

have the angles of φ1 and φ2 with the x- and y-axis. In addition, the polarization of the 

electric field in the EO phase modulator and the linear polarizer may have an angle of 

γ that is probably not exactly equal to 45o. The analysis performed below disregards 

SM fibers. The photocurrent at the point P3 is expressed as: 

 
Figure 5.4 Schematic of polarization misalignment of the linear polarizer and the 
EO phase modulator. The electric field of TM mode in the cross plane are polarized 
along the x axis. The two tones of the incident optical signal are polarized along E1 
and E2, with the angles of φ1 and φ2 with respective to the x and y axis. The linear 
polarization is off the 45o and has the angle of γ with respective to the x axis. 
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Equivalently, Eq. (5.8) can be written into five terms with arrangement: 

PD DC AM RFN PMN PMSi I I i i i= + + + +                                  (5.9) 

in which: 
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2 2 2 2 2 2 2 2 2
1 1 2 2 1 1

2 2 2
2 2

cos cos sin cos sin sin

       cos sin
DCI E E E

E
φ γ φ γ φ γ

φ γ

= + + +
              (5.10) 

( ) ( )2 2
1 1 2 2

1 1sin 2 sin 2 cos sin 2 sin 2 cos
2 2AMI E t E tφ γ θ φ γ θ= −             (5.11) 

( )
( )

2
1 2 1 2 1 2

2
1 2 1 2 1 2

2 sin cos sin cos

          2 cos sin cos cos

RFN rf

rf

i E E t

E E t

φ φ γ ω ϕ ϕ

φ φ γ ω ϕ ϕ

= + − −

+ −
                            (5.12) 

  ( )( )1 2 1 2 1 22 sin sin cos 2 cosPMN rfi E E t tφ φ γ ω θ ϕ ϕ= − − − +                 (5.13) 

( )( )1 2 1 2 1 2cos cos sin 2 cosPMS rfi E E t tφ φ γ ω θ ϕ ϕ= + + −                      (5.14) 

in which ωrf equals ω1 - ω2, θ (t) is the net phase change of the two polarized signals 

incurred by the EO phase modulators, i.e., θ (t) = 2πV(t)/3Vπ, in which V(t) is the 

voltage applied to the modulators.  

It is noted from Eq. (5.10) − Eq. (5.14) that iPMS is the desired signal, IDC is the 

DC current, IAM is the current whose amplitude slowly drifts with the modulation 

phase of θ (t), iRFN is the noise with the frequency of ωrf, and iPMN is the noise with the 

frequency of ωrf as well as the phase opposite to iPMS. IDC and IAM can be easily 

removed using high-pass filters or antennas; however, iPMN and iRFN cannot be filtered 

out and thus become the excess noise in the system in addition to intrinsic thermal and 

shot noises. If RF signals corrupted by these excess noises are transmitted, a main 

beam as well as two spurious beams forms. As shown in Figure 5.5, iRFN produces a 

spurious beam pointing at the broadside of an array that does not vary with the 

imposed phase. Meanwhile, another spurious beam due to iPMN is at the opposite 

direction of the steered main beam. From Eq. (5.12) and Eq. (5.13), iRFN is noticed to 

be much stronger than iPMN for small values of φ1 and φ2. Therefore, the system 
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sensitivity is determined by the beam power generated by iRFN which thereby need to 

be mitigated. 

 
Figure 5.5 The main and spurious radiation beams formed by the signal and excess 
noises. The two spurious beams are generated by the noise terms of iRFN and iPMN, 
respectively. 

There are two ways to observe the strength of iRFN. First, when an identical 

phase of θ (t) is applied to all of the array elements, an amplitude modulated (AM) 

signal in the far-field, as a result of the interference of iPMS and iRFN, can be observed. 

Second, the strength of iRFN is correlated with that of iAM as observed from Eq. (5.11) 

and Eq. (5.12). The swing range of IAM is proportional to that of iRFN, and iRFN reduces 

to zero as iAM approaches zero. Figure 5.6 shows the simulated results of the generated 

RF signal from a single channel when φ1 = 5o, φ2 = 10o, γ = 45o, Ex = Ey = 1 V/m, and 

no conversion loss is assumed. Notably, the RF signal has strong amplitude 

modulation. In fact, the main factor which leads to the generation of iRFN comes from 

undesired polarization or mode misalignment between adjacent optical components.  
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Figure 5.6 The simulation results of output signals with excess noises. (Top: an 
optical carrier corrupted by the noises incident into a photodiode. Middle: the intensity 
or envelop of the optical carrier. Bottom: the photodiode output.) 

Figure 5.7 shows how the RF power variation is related to the SoP. In the 

simulation, φ1 is fixed to be 5o, and φ2 varies from -20o to 20o, and γ = 45o. The 
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analytical results are obtained from using from Eq. (5.9) to Eq. (5.14). Transmission 

matrix method (TMM) is also used for comparison and the results obtained from both 

methods are in good agreement. It should be noted that the minimum value occurs at 

φ1 = φ2, i.e., when the polarizations of two optical signals are orthogonal.  

 
Figure 5.7 Excess noises versus the polarization angle φ2 of an incident optical 
signal (assumes φ1 = 5o and γ = 45o). The results are obtained from a transmission 
matrix and an analytical method for comparison. 

More importantly, it is found that even five degree misalignment between 

components can lead to a 1.8 dB power variation of the RF signal. For example, a 

commercial off-the-shelf polarization combiner with typical extinction ratio of 20 dB 

can produce two combined optical signals with five degree deviation from the 

orthogonal polarization [72]. Therefore, it is necessary to control the SoP of input 

signals in each channel. To this end, commercial polarization controllers (PCs) added 

before the phase modulator as shown in Figure 5.8 to control SOP [69]. The SoP of an 

input signal can be optimized by tuning the PC to decrease the level of AM of either 

the far-field RF power or iAM detected from the photodiode. 
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Figure 5.8 Schematic of an improved optical feed network with polarization 
controls to suppress excess noises. 

5.5 Experimental Demonstrations 

5.5.1 Two-Channel Network with Manual SoP Controls 

Based on the proposed scheme, a 1 × 2 optical feed network is developed as 

shown in Figure 5.9. Two manually adjustable polarization controllers are used to tune 

the SoP of the optical signals incident into the LiNbO3 phase modulators. The two 

tones have the frequency offset of 35 GHz, and mix at the photodiodes with 3-dB 

bandwidth of 40 GHz. The produced RF signals are transmitted with two Ka-band 

standard horn antennas. The array is mounted on a rotation stage for far-field radiation 

pattern measurement by using another Ka-band rectangular horn as a receiver. The RF 

power is measured by an Agilent PNA Network Analyzer (E8361C). To characterize 

the noise of the system, an identical saw-tooth voltage with a period of 0.75 seconds 

and a magnitude of 15 volts, i.e. 2Vπ, is used to independently drive the phase 
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modulator of each channel. A repeatable and steady RF response can be observed in 

Figure 5.10.  

 

 

(a) 

 

(b) 
Figure 5.9 The measurement setup consisting of (a) 1 × 2 optical fiber feed 
network and (b) a transmitting horn antenna and two receiving horn antennas. 

As seen from the figure, without the polarization controller, the RF power 

swing range is as large as 3.5 dB. As discussed, this is due to the interference between 

the main beam and the spurious beam generated by iRFN. It is worth pointing out that 

the spurious beam due to iRFN can significantly decrease the sensitivity of the receiver. 

For example, when the first null of an array factor is steered to the broadside, the 

radiating power at the broadside is not close to the noise floor, e.g. thermal noise, but 

the power of the spurious beam instead. The use of the polarization controller, as 
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shown in Figure 5.10, is able to significantly reduce the power swing from 3.5 dB to 

0.6 dB. In other words, the percentage of the power of the spurious beams with 

respective to that of the main beam decreases from 17% to 3%. Therefore, applying 

the polarization controller can dramatically reduce the excess noise of the system and 

therefore suppress the spurious beam. 

 
Figure 5.10 The experimental far-field response of the single channel under a 
periodic saw-tooth voltage signal applied to the phase modulator. 

To demonstrate the capability of phase scanning, balanced RF power is 

transmitted from the two antennas, one of which is with a phase tuned by the phase 

modulator, while the other one has a constant phase. Both of the channels have the 

polarization controller to suppress the excess noise. When the phase is changed from 

0o to 177.5o, the main beam of the array sweeps from 0o to 4o until the grating lobe 

appears. Notably, when the signals of the two channels are out of phase (~180o), their 

broadside is a null of the radiation pattern of the array. Also, the received power is 

only from the spurious beam. As seen from Figure 5.11, the power is 25 dB lower than 
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that of the main beam, which is in good agreement with the previous estimation. This 

demonstrates that the excess noise has been dramatically suppressed. 

 
Figure 5.11 The measured radiation patterns of the 1 × 2 phased array under electric 
beam scanning. 

5.5.2 Four-Channel Network with Adaptive SoP Controls 

In the previous sections, manually controlled PCs are used to demonstrate the 

ability to suppress the excess noises. Practically, the feed networks are required to 

optimize the SoP in an adaptive way. To this end, thermal PCs are used, which can 

control the SoP based on the DC photocurrent feedback from the photodiodes. Figure 

5.12 (a) shows the developed four-channel optical feed network. As seen from the 

figure, the four PCs and PMs are mounted on a printed circuit board (PCB) for 

electronic controls and communications with LabView programs. An optimum SoP 

occurs when the feedback DC photocurrents that are feedback from the photodiodes 

and acquired by a NI DAQ have minimum amplitude variations. This is because the 
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DC current IAM in Eq. (5.11) is correlated with amplitude of excess noise iPMN in Eq. 

(5.13). The produced RF signal is transmitted by two ultra-wideband Vivaldi antennas 

as shown in Figure 5.12 (b). The antennas are mounted on a rotation stage for far-field 

radiation pattern measurements. 

 
Figure 5.12 (a) The four-channel optical feed network, and (b) a 1 × 2 Vivaldi 
antenna array and far-field measurement setup 
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Figure 5.13 The experimental far-field response of a single channel when a periodic 
saw-tooth voltage signal is applied to the EO phase modulators. 

To characterize the noise of the system, an identical saw-tooth voltage with a 

frequency of 5 Hz and a magnitude of 15 volts, i.e. 2Vπ, is used to independently drive 

the phase modulator of each channel. The DC current generated from each photodiode 

is extracted to correlate with the excess noise of RF signals. Figure 5.13 shows the 

measured far-field RF signal of one channel without the PC and with the PC at an 

optimum state.  

In addition, Figure 5.14 shows measured DC current of the same channel, 

respectively with and without the PC. For comparison, the excess noise of the 

generated RF signal is found to become lowest when the DC current also has a 

minimum variation. Therefore, this observation confirms the analysis in Section 5.5.1. 

Based on this observation, the DC photocurrent can be used as a feedback signal to 

form a feedback loop, allowing an optimum SoP that results in minimum excess 

noises to be adaptively obtained by monitoring the feedback. As shown in Figure 5.13, 

without the PC, the RF power swing range is as large as 3 dB. Again, this is due to the 

interference between the main beam and the spurious beam generated by iRFN. 
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Figure 5.14 The output DC current of the photodiode when a periodic saw-tooth 
voltage signal is the EO phase modulator with and without polarization control. 

To demonstrate the capability of phase scanning, balanced RF powers are 

transmitted by the two Vivaldi antennas. One of them has the phase to be tuned by the 

phase modulator while another has a constant phase. Two channels utilize the PC to 

minimize the excess phase noise by optimizing the polarization. When a voltage 

varying from 0 to Vπ  is applied to the EO phase modulator, the main beam of the 

phased array can sweep from 0o to 10o. The power of the main beam will significantly 

decrease when the angle is steered more than 10o. The narrow steering angle is due to 

the high antenna gains. When the signals fed into the two antennas are exactly out of 

phase, the broadside has a minimum radiation power, and the received power is 

expected to be from the spurious beam or measurement thermal noise floor. As seen 

from Figure 5.15, the power is 20 dB lower than that of the main beam and the result 

is in a good agreement with the estimation given in the last section. In addition, since 

the optical feed network is completely decoupled with RF devices, this phased array 

have an operational bandwidth as long as the antenna and RF source can provide. 
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Figure 5.15 The measured radiation patterns at 20 GHz with different bias voltages 
on the EO phase modulator. 

5.6 Summary 

A novel optical feed network is demonstrated, which distributes a two-tone 

coherent optical signal for mixing at the frontends of an active RF aperture with low 

phase noise via orthogonal polarizations of an optical fiber. Beam steering is also 

demonstrated using electro-optic (EO) phase modulators. In addition, the excess phase 

noise introduced by the misalignment between the polarization states of the optical 

signals and EO phase modulator is overcome using polarization controllers and 

feedback DC photocurrent. The beam steering is demonstrated using narrowband 

standard horn and ultra-wideband Vivaldi antennas. 

Technical and practical advantages include low transmission loss, minimum 

phase noise, light weight and flexible distribution to a conformal two-dimensional 

array, ultra-wideband operation, and easy implementation and large scalability.  
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Chapter 6 

SYSTEM DEVELOPMENT AND DEMONSTRATION 

6.1 Optically Addressed Phased Array Transmitter Architecture 

The optically addressed phased array transmitter architecture, briefly described 

in Section 1.1, will be detailed in this chapter. As shown in Figure 6.1, the proposed 

architecture is primarily comprised of the optical RF synthesizer, optical phased feed 

network, and active RF aperture in addition to electronic control. These key 

subsystems have been demonstrated individually and can be brought together to 

develop a system prototype. The optical RF source has an ultra-wideband tuning range 

from S band (2 - 4 GHz) to W band (75 - 110 GHz) [3]. The highest frequency of the 

generated RF signal is restricted by the photodiode speed. The signal distribution is 

via optical fibers, offering abundant bandwidth that can cover the entire RF spectrum. 

In the proposed architecture, the system bandwidth is primarily limited by the RF 

aperture.  

Each frontend of a RF aperture is ideally comprised of a high-power high-

speed photodiode and an ultra-wideband radiator. This frontend can be realized by 

assembling a packaged photodiode with an antenna via RF coaxial cables. In this way, 

the antenna and photodiode can be independently designed and characterized. The 

operational bandwidth of this frontend is primarily determined by antennas, when the 

photodiode has a sufficiently high speed. The Vivaldi antennas (see Chapter 2) with 

over 25:1 impedance bandwidth is applicable to this frontend for an ultra-wide 

bandwidth. However, the Vivaldi antennas that have high gains particularly at high 
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frequencies can only achieve narrow scanning volumes. In addition, the ESA antenna 

(see Chapter 3) with a low gain can achieve a large scanning volume, but only 

possesses a narrow operational bandwidth.  

 
Figure 6.1 Functional modules of an optically addressed phased array: RF 
synthesizer, optical phase control, electronic control, and active frontends. 

TCA antennas (see Chapter 4) are an ideal candidate, which provide ultra-wide 

bandwidth and large scanning volume in addition to low profile and cross-

polarization. These advantages inherent in TCA antennas, however, are compromised 

by many practical and technical challenges introduced by various electrical feeding 

schemes. The use of assembled photodiodes and TCA antennas suffers from the issues 

similar to the electrical feeding schemes. To address these problems, an optical 

feeding scheme is proposed in Chapter 4. In this scheme, light is coupled into the 

photodiodes that are directly integrated with a TCA antenna. Hence, the problems 

resulted from RF transmission lines can be eliminated. Two challenges still remain to 
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implement the optical feeding scheme. The photodiodes and their integration can 

affect the performance of a TCA antenna, which needs to be considered when a TCA 

antenna is designed. In addition, these integrated frontends are more difficult to 

characterize than the assembled, since the performance of the antenna and photodiode 

is coupled. This chapter will discuss the fabrication and integration of photodiode-

coupled TCA antennas. 

 
Figure 6.2 Schematic of a four-channel optically addressed phased array 
transmitter. 

In addition, a system prototype is developed to demonstrate the proposed 

architecture. In the demonstration, two kinds of the frontends will be employed, an 

assembled photodiode-fed patch antenna array and a photodiode-coupled TCA 

antenna integrated with optical fibers. The prototype schematic is as shown in Figure 

6.2, and its operating principle will be discussed in the following sections.  
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6.2 Ultra-wideband Tunable RF Synthesizer 

A high quality and widely tunable RF source, as shown in Figure 6.2, which 

has a similar operating principle as described in Chapter 5, is demonstrated. Figure 6.3 

shows the developed compact optical RF synthesizer built with two distributed 

feedback (DFB) lasers, a high-speed modulator, and optical fibers, assembled into a 

rack mount chassis. The two DFB lasers have operational wavelength around 1548.5 

nm, and maximum output power of 10 dBm. Agilent PSG source is employed as a 

tunable local oscillator. 

 
Figure 6.3 The developed optically tunable RF synthesizer. The devices shown in 
the figure are two optical lasers, an optical semiconductor amplifier, an EDFA, optical 
filter, EO phase modulator, and RF local oscillator. 

In this implementation, a local oscillator frequency range from 4 to 5 GHz is 

chosen. Thus, to attain a scaled RF frequency range of 4 − 50 GHz modulation 

harmonics from 1 − 13 are used. To keep up with the frequency of the changed 

injected optical signal, the injection-locking laser may also require a slight tuning to 

ensure phase locking. To this end, an integrated thermo-electric cooler (TEC) is 
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employed to thermally tune the free-running frequency of the injected laser. The 

compact laser diode driver (Thorlabs) provide an integrated closed-loop temperature 

controller, enabling precise thermal control and thus wavelength tuning. In 

conjunction with the remote controlled local oscillator (with Labview program on the 

computer), we are able to continuously tune the RF frequency of the synthesizer.     

 
Figure 6.4 Measured power of the RF source tunable from 4 − 50 GHz with a step 
frequency of 0.5 GHz. 

Figure 6.4 shows the measured RF power spectra at selected RF frequencies 

with an increment of 0.5 GHz over a frequency span of 4 − 50 GHz, obtained with an 

electrical spectrum analyzer (ESA), Agilent N9030A. As seen from the figure, the RF 

synthesizer can be continuously tuned from 4 to 50 GHz. It has been shown to operate 

at even higher RF. Over the band, the generated RF power maintains good response 

with a minimal roll-off at higher frequencies. The reduced power at high frequency is 

attributed from RF loss and reduced frequency response of the high-speed photodiode.  
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To examine the purity of the generated source, both linewidth and phase noise are 

measured at each frequency. The spectral linewidth is measured to be ≤ 1 Hz, which is 

the resolution limit of the ESA. Figure 6.5 shows the measured phase noise spectrum 

of a generated RF signal at 36 GHz as a function of the offset frequency from the 

generated RF. As one can see from the figure, the phase noise follows that of the local 

oscillator (scaled to the output frequency with additive noise of 20log10(m)). The 

additive phase noise induced in the fiber due to acoustics vibration can be further 

suppressed by using chip-level integration approach. 

 
Figure 6.5 Measured phase noise spectrum of the generated RF source at 35 GHz 
as function of offset frequency. 

6.3 Optical Feed Network and Phase Control 

An optical feed network as shown Figure 6.6 is developed. Since the operating 

principle has been detailed in Chapter 5, this section is focused on the remote 

electronic controls for the beam steering. As shown in Figure 6.2, the PC and PM are 

respectively controlled by the voltage signals from the ports of V4 − V7 and V8 − V11 
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in the National Instrument Digital Acquisition (NI DAQ). Particularly, the voltage 

signals from the ports of V8 − V11 are to adjust the polarization controllers for 

minimizing the excess noises. Meanwhile, to estimate the excess noises, the DC 

photocurrent of each channel is acquired by the ports I0 − I3 of another NI DAQ. Each 

channel has a field-effect-transistor (FET) switch that can be turned on by a 3.5-V 

voltage from the ports of V0 − V3. An automatic calibration routine is developed to 

constantly perform this calibration in which the pair-wire phase measurement is 

conducted by controlling the FET switches to calibrate the phase front at the antenna 

elements. 

 
Figure 6.6 The developed optical phased feed network and phase control module. 

6.4 High-Sensitivity Photonic RF Receiver 

In order to establish a complete photonically based RF link, a photonic receiver 

is required. Over the years, significant efforts have been focused in the development of 

radio-over-fiber links in order to efficiently transport high frequency RF signals. The 

intensity-modulation/direct-detection (IMDD) has been well studied [73]-[75]. 
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However, it suffers from limited spur free dynamic range (SFDR) due to its inherent 

nonlinear transfer function characteristics. As another alternative, recently, a phase 

modulated approach has been proposed to improve system linearity [76], [77]. To this 

end, based on an optical up-conversion approach [78], [79], I developed a photonic 

receiver to demonstrate all-optical transmitting and receiving. This approach is to 

leverage high-speed Lithium Niobate (LiNbO3) EO phase modulator for more efficient 

RF detection. The electro-optic modulators serve to upconvert received RF fields onto 

an optical carrier, such fields can be readily captured, routed, and processed using 

optical techniques, thereby providing significant advantages over traditional 

heterodyne detection system, particularly at mm-wave frequencies.   

 
Figure 6.7 Developed photonic receiver. 

The developed photonic receiver is shown in Figure 6.7 [80] and its schematic 

is illustrated in Figure 6.8. Incident RF radiation from the transmitting array antenna is 

collected by a Ka-band horn antenna, amplified, and up-converted to a telecom 

frequency via an EO phase modulator, leading to an upper and a lower optical 

sideband around the optical carrier frequency. The amount of energy in the sidebands, 

Isb, can be quantified as:  
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Figure 6.8 Photonic receiver based on optical up-conversion technique.                           

 mod optLNAsb rfI g P Iη=                                               (6.1) 

where Iopt is the optical power into the modulator, Prf is the RF power received at the 

antenna, gLNA is the gain of low-noise amplifier, ηmod is the modulation efficiency of 

the modulator that may be predicted as a function of the electrical properties of the 

modulator, such as dielectric losses and conduction losses of the electrodes, index 

mismatch between the optical and millimeter-wave traveling modes, the DC half-wave 

voltage of the device, and the RF impedance of the electrodes. The conversion 

efficiency can be also derived as: 

2
2mod 2

Z
Vπ

πη =                                                  (6.2) 

in which Z is the impedance of the modulator and Vπ is the half-wave modulation 

voltage.  The modulated signals can be further fed into an optical filter to suppress the 

carrier signal while passing one of the sidebands. A square-law detector (photodiode) 

is used to convert this sideband into a voltage that can be easily measured. The weak 
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current produced at the photodiode can be further amplified using a transimpedance 

amplifier (TIA). As a result, the voltage generated at the output of TIA can be derived 

as: 

 modsb TIA reciv LNA rf optI g g P Iη= ℜ                                          (6.3) 

The use of a low-noise amplifier (LNA), as well as incomplete suppression of 

the optical carrier, may lead to an increased noise floor. To measure the intensity of 

the radiated RF field in the far field, a Dicke switching is used. The signal is chopped 

by a set of SPDT PIN switch before the signal hits the modulator at a known 

frequency of 1 KHz. Dicke switching results in a signal after modulation that is 

periodic with its amplitude related to the difference between a known load temperature 

and the temperature of the scene. As an improvement to digital lock-in, the system 

utilizes a novel least squares estimator (LSE) method to derive the amplitude, phase 

and offset of the signal at the chop frequency [81]. The LSE method eliminates the 

need for a costly and bulky lock-in amplifier and can be done in real time using 

software instead of hardware. 

The developed sensor technology offers extreme sensitivity, i.e., noise-

equivalent temperature difference (NETD) < 1 K. In the system implementation, a 

LNA with a gain of 35 dB over the frequency range from 33.5 to 38 GHz is used. An 

EM4 DFB laser operated at a wavelength of 1546.8 nm is used. The laser output 

power is 9 dBm, and fed into a phase modulator. The modulation efficiency at the 

frequency of 35 GHz is measured to be 1.2 W-1. Three stages of DWDM optical filters 

are used to suppress the optical carrier with a suppression ratio of 45 dB. The 

photodiode has an operational bandwidth of 1 GHz, and the TIA has a gain of 1 GV/A 
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and bandwidth of 4 kHz. The produced voltage is measured by using NI DAQ system. 

Due to the limited bandwidth of the TIA, the developed photonic receiver functions as 

a photonically based power detector.  

6.5 Experimental Demonstration: 4 × 4 Ka-Band Patch Antenna Array 

6.5.1 Patch Antenna Design 

The configuration and dimensions of an aperture-coupled patch antenna are 

shown in Figure 6.9 (a), wherein the feeding microstrip is coupled through a slot 

etched on the ground plane to excite the patch for radiation [82], [83]. The microstrip 

lines are designed on a flexible liquid crystal polymer (LCP) substrate with a thickness 

of 0.101 mm and a dielectric constant of 2.9. The LCP substrate is a good choice for 

the antenna and RF circuit designs owing to its low dielectric constant and low 

dielectric loss at high RF frequencies. The width of the microstrip line is 0.35 mm to 

yield an impedance of 50Ohms. The antenna patch, with its size of 2.1 mm by 2.3 mm, 

is fabricated on RT/duroid 5880 substrate with a thickness of 0.787 mm and a 

dielectric constant of 2.2. The choice of such a thick patch substrate is to reduce the 

capacitance between the patch and ground plane, thereby increasing antenna 

impedance bandwidth and improving radiation efficiency. In the array configuration, 

to minimize the grating lobes without significantly introducing mutual coupling, a 

spacing of d = 4 mm between array elements is chosen. 

A 3D finite element method (FEM) electromagnetic solver, ANSYS HFSS, is 

used to design and optimize the patch antenna. The proposed antenna has an 

impedance bandwidth of 23%, ranging from 31 to 39 GHz, as shown in Figure 6.9 (c). 

The 3-dB beam width of a single patch antenna in both the E- and H-planes are as 
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wide as ±50°, which allows us to realize wide angle steering for the phased array 

application. To improve the antenna array gain, four patch elements designed along 

the vertical direction (H-plane) are used to form a 1×4 subarray. Two stages of power 

splitting are used to produce equal amplitude and phase at each antenna element. The 

beam width in the H-plane is reduced to ±15°. The simulated and measured S 

parameters are shown in Figure 6.9 (b), in which the discrepancies in the S-parameters 

are caused by fabrication tolerance and loss in the RF connector.  

 
Figure 6.9  (a) The configuration of a microstrip-fed slot-coupled patch antenna. 
(b) Fabricated 4 × 4 patch array antenna, in which every four elements in the vertical 
direction are fed in-phase with power splitter to form a subarray, and four of such 
subarrays are fed by the optically addressed feed network to attain a phased array. (c) 
Simulated and measured S parameters of four subarrays. (d) Simulated radiation 
patterns at 36 GHz over the active beam scanning angles of ±50° in the E-plane. 
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Finally, four 1 × 4 subarrays are used to make up a 4 × 4 array, as shown in 

Figure 6.9 (b). The winding microstrip lines have equal electric lengths to ensure the 

same phase in each channel. They are designed to match the dimensions of the 

wideband connectors, which are used to connect the antenna array and optical phase 

feed network. The 4 × 4 array attains a gain of 15.6 dB and a beamwidth of ±15° in 

both E- and H-planes. Figure 6.9 (d) shows the simulated radiation patterns of 4 × 4 

array by electrically scanning along the horizontal direction (E-plane). 

6.5.2 Experimental Results 

To phase the array, an embedded control system is used to actively adjust the 

DC bias of each phase modulator.  Progressive phase distribution can be determined 

based on the desired steering angle, the operational RF frequency, and antenna 

element spacing, given by: 

 
2sin
3rf

Vk d
Vπ

πϕ θ ∆
∆ = =                                          (6.4) 

in which d is the antenna element spacing, krf is the RF wave vector, and θ is the beam 

pointing direction. 

An angular range from -90 o to 90o is set to demonstrate the beam steering. The 

far-field measurement system is illustrated in Figure 6.10 (a), in which the 

transmitting phased array antenna and photonic RF receiver are arranged to face each 

other. The receiving antenna is set to be 2 meters away from the transmitting phased 

array antenna. A progressive phase distribution is applied at each channel in the 

optical phase feed network to form a linear phase front at the patch array, thereby 

producing an electrical beam steering without any mechanical movement involved. 
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(a) 

 

 

(b) 
Figure 6.10 (a) Far-field measurement system, in which a progressive phase 
distribution is applied to the array elements to illustrate the beam scanning capability 
over an angular range from -90 o to 90o. (b) Measured far-field pattern as a function of 
time over four repeating scans at different frequencies between 34 − 38GHz. 

Figure 6.10 (b) shows four repeating electrical scans over a beam angle range 

swept from -90o to 90o. The integration time for each data point is set to be 40 ms and 

a total of 101 points with a beam steering step size of 1.8o are used for each scan. The 

peak far field corresponds to the broadside radiation of the phased array with equal 

phase distribution at all channels. Five different frequencies between 34 − 38 GHz are 

measured, all showing the maximum side lobes below -13 dB. 
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In order to further demonstrate the beam scanning capability, the system is 

improved by adding an additional rotational stage to measure the far-field radiation 

patterns of the developed phased array system. As shown in Figure 6.11 (a), a 

rotational stage is added to the RF beam steering setup, shown in Figure 6.10 (a), in 

which the transmitting array antenna can be scanned over -90° to +90°. In so doing, 

we are able to physically measure the radiation pattern for a given beam steering. Nine 

electrical beam scans over a range of -40° to +40° with a step of 10° are conducted 

over the rotational angular range measured from the broadside of the transmitting 

array. Figure 6.11 (b) shows measured far fields at 34 GHz for all nine beams. From 

the figure, the peak positions of the steering beams are 10° apart. The maximum 

sidelobes are measured to be about -13 dB for all electrical beam steering. In addition, 

larger sidelobes may be observed at the larger steering angles due to the finite number 

of radiation elements and finite ground plane. The measured results are in good 

agreement with the simulation results over the active beam scanning range, as 

presented in Figure 6.9 (d).  

 

 

(a) 
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(b) 
Figure 6.11 (a) Far-field radiation pattern measurement setup for a given electrical 
beam steering direction. (b) Far-field radiation pattern measurements of the 4 × 4 
phased array antenna with fixed phase assignment at each channels at different 
frequencies of 34, 36, and 38 GHz, respectively. 
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As discussed previously, the patch antenna is designed at Ka band, covering 

frequency band from 31 − 38 GHz. However, our photonic RF receiver has a limited 

operational bandwidth from 34 − 38 GHz, determined by the finite bandwidth of the 

low noise amplifier, which is 33.5 to 38 GHz. Figure 6.11 (b) shows the radiation 

patterns of the electrically steered beams at the frequencies of 36 and 38 GHz. 

Compared with 34 GHz, consistent results of electrical beam steering can be observed 

from the rotational measurement at all the frequencies.  

The radiated RF power by the antenna is strongly dependent on the antenna, 

photodiode, and input powers of two optical signals, i.e., P1 and P2. In order to 

produce sufficient RF radiation from the optically addressed phased array antenna, the 

conversion efficiency evaluated from optical-to-RF down-conversion plays a very 

important role. To this end, the conversion efficiency in the high-speed photodiode is 

defined as the ratio of the generated RF signal to the input power of the optical power, 

given by:  

 
( )2

2
1 2 1 2

1 2 1 2

PP Z PP Z
P P P P

η
ℜ ℜ

= =
+ +

                                             (6.4) 

in which Z = 50 Ohms is the impedance of the patch antenna. As we can see from the 

above equation, the conversion efficiency is proportional to the input optical power. In 

the case of evenly distributed power of the optical wavelengths before being fed into 

the photodiode, P1 = P2 = P, a maximum RF generated signal is achieved. The 

conversion efficiency is simplified to be η = 0.5 2
ℜ PZ. The u2t photodiode used in the 

array has responsivity of A/W and maximum accepted input optical power of 

13 dBm. The total RF power from each photodiode is 2.5 mW. The conversion 

0.7ℜ =



 127 

efficiency is then determined to be 12.5%. The efficiency can be further improved by 

using higher-power, high-speed photodiodes [65]. 

6.6 Experimental Demonstration: 1 × 4 Photodiode-Coupled TCA 

6.6.1 Development of a 1 × 4 Photodiode-Coupled TCA 

An 8 × 8 TCA dipole antenna fabricated on 20-mil Rogers 4350 with dielectric 

constant of 3.48 [84] employs the design as described in Section 4.3.4. This section is 

focused on its fabrication, integration, and measurement. The dipoles reside on the 

topside of the PCB, as shown in Figure 6.12 (a).  

 
Figure 6.12 The developed 12-GHz TCA board. (a) The dipoles, 221-Ω chip 
resistors, and 0.1-µF wideband capacitors reside on the topside. (b) The bias network 
and photodiodes are on the backside. 

To increase capacitive coupling, two 0.1-µF wideband (100 KHz − 40 GHz) 

capacitors are placed across the neighboring arms of two dipoles. As such, this TCA 

antenna is equivalent to a connected-dipole array. A 221-Ω chip resistor that can 

Chip resistor

Coupling capacitor

(a)

Position of 
photodiodes

Bias lines

Via

(b)
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operate up to 20 GHz is flip-chip bonded across the gap between the two arms of each 

dipole. As a result, the input resistance of the TCA antenna is decreased and thereby 

the operational bandwidth is increased. The bias network resides on the backside of 

the PCB as shown in Figure 6.12 (b). The photodiode position is marked as well. The 

bias lines use the narrowest wires allowed by fabrication technology in order to 

minimize the loading impact on each dipole. Meanwhile, the contacts of the bias lines 

are located at the center of dipole arms, wherein RF current is usually weaker than the 

other positions. In addition, the cross-polarization increases as the strength of RF 

current coupled into the bias lines. The bias lines set up this way can offer the cross-

polarization more than 10 dB lower than the co-polarization. 

6.6.2 Integration of Photodiodes with the TCA 

This section will introduce a procedure of integrating photodiodes and optical 

fibers with the fabricated TCA antenna. The used photodiode, Albis PDCS24L, has G-

S-G pads with a pitch of 50 µm. As the first step of the procedure, the photodiode is 

flip-chip bonded with a 4-mil ceramic substrate that has large bonding pads suitable 

for performing wire bonding. After that, an optical fiber is required to feed each 

photodiode that has been secured at a position on the TCA substrate illustrated in 

Figure 6.12 (b). To this end, a 900-µm single-mode (SM) optical fiber is threaded 

through a ceramic ferrule. After that, the optical fiber and ferrule are glued together, 

and then are carefully polished to ensure low transmission loss. Then, a piece of 

square quartz chip is attached to the polished ferrule, offering 4 × 4 mm2 contact area. 

Four pieces of 1 × 1 mm2 square quartz chips that acts as spacers are also glued around 

each corner of the photodiode. Next, the optical fiber is aligned with the photodiode 

on a xyz stage. The optimal alignment is achieved when the photocurrent is maximum 
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when an optical signal is incident into the photodiode. Lastly, the quartz chip attached 

to the ferrule is bonded with the spacer quartz chips. The above procedure is illustrated 

by Figure 6.13. In this way, a 1 × 4 array is integrated with four optical fibers, as 

shown in Figure 6.14. Table 6.1 lists measured photodiode responsivities. 

 
Figure 6.13 Integration procedure: (a) the photodiode is flip-chip bonded on the 
ceramic submount, (b) the photodiode is glued with the TCA substrate and is wire 
bonded with the antenna, (c) an optical fiber is glued with a ferrule and is polished, (d) 
a quartz chip is attached to the polished ferrule, (e) several quartz spacer are placed 
around the photodiode, (f) the optical fiber is aligned and bonded with the photodiode. 

 

Table 6.1 Measured photodiode responsivities 

Element  Responsivity 
#1 0.35 
#2 0.35 
#3 0.39 
#4 0.33 

 

1
2

3

4

5

6
1: photodiode
2: bonding wire
3: optical fiber
4: ceramic ferrule
5: quartz chip attached to ferrule
6: quartz spacer
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Figure 6.14 Fabricated 1 × 4 active antennas with integrated optical fibers. 

6.6.3 Far-Field Measurement 

The fabricated TCA under a test serving as a transmitter is fed by the 

developed four-channel optical feed network. An UWB double-ridge horn with a 

bandwidth of 4 − 40 GHz is used as a receiver. The measurement is performed in an 

in-house anechoic chamber, as shown in Figure 6.15.  

 
Figure 6.15 Far-field measurement in an anechoic chamber. (a) TCA under test as a 
transmitter, (b) double-ridge horn as a receiver.  

#1 #2 #3 #4

(a) (b)

TCA 
(Transmitter)

Double-ridge 
Horn (Receiver)
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The radiation power of each dipole is measured individually. The broadside 

and maximum radiation power at different frequencies are measured, as shown in 

Figure 6.16. It is observed from the figure that the radiation power of #1 and #2 dipole 

are equal to that of #3 and #4 dipole, respectively, due to their symmetric locations. In 

addition, at frequencies lower than 8 GHz, the radiation power of the inner dipoles (#2 

and #3) are higher than those of the outer dipoles (#1 and #4) by about 3 dB, probably 

because of the additional loss incurred by the resistors loaded on the dummy element.  

 
Figure 6.16 The received radiation power of each element excited individually at a 
time. The maximum power is off the broadside particularly at the high frequencies. 

Furthermore, the maximum radiation power is not at the broadside, particularly 

notable at the high frequencies. This phenomenon can be understood as follows. At the 

high frequencies, the connected dipoles behave as a long-wire antenna that can have 

maximum gains off the broadside. This offset is not obvious at the low frequencies 

since the array has low gains and wide beamwidths. The measurement implies that 

each dipole has different radiation patterns. In comparison, the radiation patterns of a 
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loosely coupled array can be synthesized by the multiplication of single antenna 

pattern with an array factor. However, the similar method cannot apply to a tightly 

coupled array. The radiation patterns of the fabricated array is obtained by full-wave 

simulations and measurements. 

 
Figure 6.17 The measured versus the simulated radiation patterns: (a) 4 GHz and 6 
GHz, and (b) 10 GHz and 12 GHz. 

Figure 6.17 shows the measured and simulated radiation patterns at the 

frequency of 4 GHz, 6 GHz, 10 GHz, and 12 GHz, respectively. It is observed that the 

measurements are in a good agreement with the simulations at 10 GHz and 12 GHz. 

However, the measured radiation beams are wider than the simulated at 4 GHz and 6 

GHz. This discrepancy might be attributed from the measurements that are performed 

close to anechoic chamber's cutoff frequency of 4 GHz. In addition, beam steering is 

demonstrated as shown in Figure 6.18. Since the array has quite low gains at the low 

(a) (b)
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frequencies, the beam steering will be not notable. Hence, the beam steering is only 

plotted at 12 GHz, which demonstrates more than a 40-degree beam scanning.  

 
Figure 6.18 Measured beam scanning at the frequency of 12 GHz. 

6.6.4 Near-Field Measurement 

The frequency response of the radiation power will be analyzed in this section. 

The analysis needs to obtain total radiation powers at different frequencies. To this 

end, radiation patterns are required to be measured and integrated over the a large 

space range, which however cannot be performed based on current instrument 

capabilities. Instead, the frequency response of the radiation power can be estimated 

by near-field scanning patterns, since total radiation power should preserve from the 

near field to the far field. To perform the near-field measurement, the receiver and 

transmitter are separated with the distance of 14 inches. The radiation pattern as 

shown in Figure 6.19 is produced by sweeping the phase of the EO phase modulator in 

each channel. The near-field radiation pattern, compared with the far-field pattern, is 
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narrower, which implies the radiation power is mostly confined in a smaller volume. 

The measured power as demonstrated in the figure is after calibrating cable losses and 

receiver gains. 

 
Figure 6.19 Near-field scanning patterns at the frequencies of 4 −12 GHz.  

Since the antenna array is rotationally symmetric, the total radiation power can 

be approximated by integrating the measured power over entire space angles: 
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in which pr is the measured radiation power at a specific angle and R is the distance 

between the transmitter and receiver. By doing this, the frequency response is obtained 

as shown in Figure 6.20. It is noted from the figure that the bandwidth of the power 

variation less than 3 dB is from 4 to 12 GHz. 
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Figure 6.20 Normalized radiation power of the TCA versus frequencies. 

6.7 Summary 

A novel optically addressed phased array transmitter architecture is proposed 

and a prototype system is demonstrated. The system is mainly comprised of a photonic 

RF source, an optical phased feed network, and an active RF aperture in addition to an 

electronic control. The experiment results have demonstrated that the operational 

ultra-wide bandwidth as well as the beam steering.  

The system bandwidth of the proposed architecture is primarily restricted by 

the RF aperture. To obtain an ultra-wideband RF aperture, the fabrication and 

integration of a photodiode-coupled TCA are explored. In the demonstration, a 1 × 4 

connected-dipole array is integrated with photodiodes and optical fibers, which offers 

the 3-dB radiation bandwidth of more than 4 – 12 GHz.  
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Chapter 7 

CONCLUSIONS AND FUTURE WORK 

7.1 Summary and Conclusions 

UWB phased arrays, as an alternative to narrow band technology, will be 

utilized in multifunctional systems. RF photonics technology has drawn considerable 

attention because of its advantage over traditional systems, including extreme power 

efficiency, information capacity, frequency agility, and spatial beam diversity. A 

hybrid RF photonics system, utilizing optical links and a RF transducer at the antenna, 

can potentially provide ultra-high bandwidth data transmission.  

This dissertation was primarily focused on the construction of an optically 

addressed ultra-wideband phased array transmitter using RF photonic technology. A 

novel phased array transmitter architecture was developed, which leverages an ultra-

wideband photonic RF source with a demonstrated tuning range of 110 GHz. Multiple 

novel techniques were demonstrated to attain a compact UWB antenna including 

loaded Vivaldi antennas, the D-ring resonator antenna, and the photodiode-coupled 

TCA antenna. An optical feed network, which distributes two-tone coherent optical 

signals for mixing in the frontend of an active RF aperture with low phase noise via 

orthogonal polarizations of an optical fiber, was established. Beam steering was also 

demonstrated within that feed network using electro-optic (EO) phase modulators. 

Finally, these components are brought together to demonstrate an optically addressed 

phased array transmitter architecture, which offers low transmission losses, low phase 
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noise, a light weight and flexible distribution network, a conformal structure, ultra-

wideband operation, easy implementation, and large scalability. 

In Chapter 1, the state-of-the-art UWB phased array technologies and 

compared their bandwidth and other performance metrics. In addition, the advantage 

of an optical approach was discussed and a novel optically addressed phased array 

architecture was proposed. 

In Chapter 2, two different loading structures were introduced, a circular-

shape-load and a slot-load, that yielded compact Vivaldi antennas with ultra-wide 

bandwidths of more than 46 GHz.  

In Chapter 3, a wideband, electrically small, planar, coupled D-ring resonator 

antenna, driven by an interdigital monopole with an embedded matching network, was 

presented. This electrically small antenna achieved an impedance-matched bandwidth 

of 1 – 1.7 GHz, attributable to its dual-mode operation. 

In Chapter 4, the operating principle of an optically fed TCA was explained in 

detail. In addition, an optically fed TCA with an operational bandwidth of 1 – 12 GHz 

was designed and simulated.  

In Chapter 5, a novel optical feed network was demonstrated, which distributes 

a two-tone coherent optical signal for mixing in the frontend of an active RF aperture 

with low phase noise via orthogonal polarizations of an optical fiber. Beam steering 

was also demonstrated using electro-optic (EO) phase modulators. In addition, the 

excess phase noise introduced by the misaligned polarization states of the optical 

signal and EO modulator were overcome using a polarization controller and a DC 

feedback signal generated by the photodiodes. 
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Finally, in Chapter 6, an optically addressed phased array transmitter prototype 

was fabricated and each block in the system was described. The radiation pattern, 

beam steering range, and operational bandwidth of the prototype were measured and 

compared with simulation.  

7.2 Future Work 

In this dissertation an optically fed TCA transmitting antenna, which is 

comprised of four active elements with an operational frequency up to 12 GHz, was 

demonstrated. In the future, a fully populated TCA antenna, with 8 × 8 active 

elements, should be pursued in order to increase the operational bandwidth (from 4-12 

GHz to 4 – 60 GHz) as well as the output power. It was also shown that the edge-

truncation effect in a finite array has a significant impact on the performance. Further 

study is necessary to optimize the design of a finite TCA. 

Furthermore, the migration of the TCA operating frequency to the mm-wave 

regime requires the development of photodiode-antenna coupling circuitry with a 

small parasitic reactance. The radiation efficiency can also be increased by adding a 

ground plane. In addition, a chip-scale optical feed network on LiNbO3 is desired in 

order to further improve the phase stability. Lastly, optical true-time delay lines are an 

essential component required by a large-scale optical addressed phased array and 

additional development is called for in order to realize large delay times and low 

insertion losses. 
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